CMOS DIGITAL IC DESIGN

Lecture Notes

M.TECH(VLSI & ES)
(1 YEAR - I SEM)
(2022-2023)

Prepared by

Dr.M.Arun Kumar, Professor

. =

TOLEARN 8 LEARN D!

MALLA REDDY COLLEGE OF ENGINEERING & TECHNOLOGY
(Autonomous Institution - UGC, Govt. of India)

Department of Electronics and Communication Engineering

Recognized under 2(f) and 12 (B) of UGC ACT 1956
(Affiliated to INTUH, Hyderabad, Approved by AICTE-Accredited by NBA &NAAC—'A’Grade-1SO9001:2015
Certified) Maisammaguda,Dhulapally(PostVia.Kompally),Secunderabad—500100, Telangana State, India
A, CITADEL OF,LEARNING,
|44 Prhllll w o w il T i T m IHIIHE‘ LU ' 'J
Wi oy B W .-,mil ol
Mmoo |

o
il
T
. |
f




ELECTIVE-II
CMOS DIGITAL IC DESIGN

Course Objectives:

To discuss basic CMOS logic gates, implementation of AOIl and OAl gates

Design MOS logic circuits using Transmission gates

To analyze different delays and power dissipation in number of stages.

To understand the design of combinational circuits using ratioed, cascade and dynamic logic.
To design different types of Semiconductor Memories

UNIT -I:

MOS Design:

Pseudo NMOS Logic — Inverter, Inverter threshold voltage, Output high voltage, Output Low voltage,
Gain at gate threshold voltage, Transient response, Rise time, Fall time, Pseudo NMOS logic gates,
Transistor equivalency, CMOS Inverter logic.

UNIT -lI:

Combinational MOS Logic Circuits:

MOS logic circuits with NMOS loads, Primitive CMOS logic gates — NOR & NAND gate, Complex Logic
circuits design — Realizing Boolean expressions using NMOS gates and CMOS gates , AOI and OIA
gates, CMOS full adder, CMOS transmission gates, Designing with Transmission gates.

UNIT —llI:
Sequential MOS Logic Circuits:

Behavior of Bi-stable elements, SR Latch, Clocked latch and flip flop circuits, CMOS D latch and edge
triggered Flip-flop.

UNIT —IV:
Dynamic Logic Circuits:

Basic principle, Voltage Bootstrapping, Synchronous dynamic pass transistor circuits, Dynamic CMOST
Transmission gate logic, High performance Dynamic CMOS circuits.

UNIT -V:

Semiconductor Memories:

Types, RAM array organization, DRAM — Types, Operation, Leakage currents in DRAM cell and refresh
operation, SRAM operation Leakage currents in SRAM cells, Flash Memory- NOR flash and NAND
flash.




TEXT BOOKS:

1. Digital Integrated Circuit Design — Ken Martin, Oxford University Press, 2011.
2. CMOS Digital Integrated Circuits Analysis and Design — Sung-Mo Kang, Yusuf Leblebici,
TMH, 3 rd Ed., 2011.

REFERENCE BOOKS:

1. Introduction to VLSI Systems: A Logic, Circuit and System Perspective — Ming-BO Lin, CRC
Press, 2011

2. Digital Integrated Circuits — A Design Perspective, Jan M. Rabaey, Anantha Chandrakasan,
Borivoje Nikolic, 2 nd Ed., PHI.

Course Outcomes:

Able to apply mathematical methods and transistor physics in the analysis of CMOS circuits

and design CMOS inverter with different loads for given levels noise margins and propagation
delay’s.

Can execute moderately sized digital logic designs with OAIl, AOI, and transmission gates.

Able to design static and dynamic CMOS circuits (both Combinational and sequential) at
transistor level and layout level.

Able to design memory architectures that aids the growth of VLSI designs with reduced access
time and reduced power consumption.




UNIT I- MOS DESIGN

Pseudo-NMOS Logic

The original idea behind the pseudo-NMOS imverter is to realize @ gate as 4 common-source
amplifier with a current source as a load, as shown in Fig. 4.1, Tf the gate input voltage is less

Voo

v Figure 4.1 A current-source load inverter,
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than the threshold voltage! of Qy, then Q4 will be cut off and | will charge the load capaci-
tances to a high voltage, ideally V. If, on the other hand, the input signal changes to a high
voltage, then initially Qq will conduct substantially more current than I and the load capac-
itance will be discharged 1o a low voltage. When this happens, the voltage across @y, that is
Vpg.1, will be less than the effective gate-source voltage of Qy, and Q4 will enter the triode
region. This will cause its current to decrease to be equal to .. When this oceurs, the output
voltage will be close to 0V, assuming the transistor widths have been reasonably chosen,

Normally, to guarantee that the output low vollage, Vg, is close enough to 0V, it is neces-
sary 1o muke Qq sulficiently wide so that its current is many times greater than the value of I
for the case in which the output is in its transition region around the gate threshold Viy, while
changing from a high o a low voltage. This, however, results in the rise time being consider-
ably larger than the fall time. Thus, most current-load gates have poor drive capability for
positive-going oulput transitions, unless they are followed by buffers, Also, they have a
power dissipation equal to | Vg when the output is low. When the output is high, there is no
power dissipation. Thus, approximately half the time they dissipate power. This d.c. power
dissipation means thut a modern IC containing millions of gates could not be realized using
just pseudo-NMOS gates. Nevertheless, these circuits are simple, take up little area, and usu-
ally introduce only small loads on preceding gates.

USING A P-CHANNEL TRANSISTOR TO REALIZE A CURRENT SOURCE

The basic idea behind pseudo-NMOS lagic is to usc a p-channel transistor to realize a current-
source load as shown in Fig. 4.2, To understand this, consider the equation describing the
current of a p-channel MOS transistor in the active or saturation region. For this case, we
have
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where Vigy = Vgg + Vip is the effective gate-source voltage of the transistor. This equation
ignores the finite output impedance, fyq, of the transistor, For equation (4.1) o apply, it is nec-
essary that the drain voltage is not greater than the gate voltage by more than | Vh'il which is
usually about 0.8 to 0.9 V. If we assume thit Vg = 3.3 ¥, and that the bias voltage Vyiag is
about half way between ground and Vg, or at 1,65 V, then (4.1) applies as long as the drin
voltage is less than 2.45 V, approximately, We now have Vgg =Vpp = Vigjaa = 1.85 V and Vgy
=Vgg +Vip = 0L.75V in equation (4.1). Therefore, Ip = I is independent of the voltage across
the tramsistor as long as this voltage is greater than 0.75 V, or so, Thus, the p-channel transistor
cun be used to realize an approximale current source as long as the output voltage of the logic
gate is less than 2.45 V, or so. This is the case most of the time during an output logic change or
transition. When the output voltage becomes greater than approximately 2.45 V. then the loud
current starts to decrease and a more accurate model wonld be a current source in parallel with
a resistor.

A PSEUDO-NMOS INVERTER

Figure 4.3 shows & pseudo-NMOS inverter for which the WYL of the drive transistor is one half
the W/L of the loud device; that is

(WL,
(WsLy, = — 4.2)

Vop=3.3 V
Vous=1.66V o—] gpm!o.ﬁ Hm
Figure 4.3 A typical pseudo-NMOS inverter in a 2
0.6-um technology. Vout
1.5 /0.6 pm
Vin O_! Qy !.

This would be & typical choice for a pseudo-NMOS inverter having a p-channel load with a
1.65-V gate-bias voltage. A simple circuit capable of realizing this bias voltage will be
deseribed shortly.

In this section, we will analyze the pseudo-NMOS inverter for its approximate gate threshold
voltage, gain at threshold, typical output high and Jow voltages, and approximate transient
responses. To make these unalyses tractable, a number of approximations will be made. The errors
arising from these upproximations vary somewhat, but in all cases are typically less than the ervors
caused by the inability to accurately predict the processing und transistor parameters, prior to
manufacture. Also, by making reasonable approximations, the essential operation of the gate
becomes more obvious without miring the reader in complex caleulations that are of limited
use in designing practical digital integrated circuits. Direspective of the use of approximations,
this section relies heavily on understanding the equations that describe MOS transistors (which
were presented in Chapter 3). Thus, not only will this section give greater insight into pseudo-
NMOS logic, but it will also serve as the first in-depth example of the application of MOS
eguations to actual circuits.

INVERTER THRESHOLD VOLTAGE (Vqy)

As was mentioned in Chapter 1, the threshold voliage of the pseudo-NMOS inverter is defined
as the input voltage that gives an identical output voltage. Mormally, for a properly designed
MOS inverter, this voliage would be approximately half the power-supply voltage. To calculate
this voltage, it is first necessary to determine the region in which a ransistor is operating and
which equations apply. That is. is the transistor in the iriode region or the saturation region
{which we typically call the active region)? First, it is safe to say that the enhancement N-channel
drive transistor (Qy) is definitely in the active or saturation region. This is true because for Vi,
=Wout: the gite-drain voltage of Qy is zero. Any enhancement transistor with Vg = 0 is in the
active region. It will also be assumed that the p-channel load transistor is also in the active
region. This will be the case as long as the gate-threshold voltage happeas to be less than
2.45 V, which is almaost certainly true for a properly designed inverter. If this were not the case,
then the device sizes would have been poorly chosen and the gate would be impractical, in
which case it would not be described in this text. Under these assumptions, we may write the
following equations. For Gy we have

to.y = oo (Yoo, ¥ 2

where it is assumed that Vg 5 = Vpp/2. For Qy, we have Vgg.y =Vig = Vy, and
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Since it is always assumed that MCS gates drive only capacitive loads, we huve |p.q = Ip.z and
we may equate (4.3) and (4.4) and solve for Vi, to obtain

W0 Vn

VH'I = Vlrl + Junm—/l-—]l 4.5)

Example 4.1

For /iy = 42, Vi =08V and Vyp = 0.9V, find Vyy, for the inverter of
Fig. 4.3.

Sclution: For (W/L)zf (W/L), = 2, we have using equation (4.5) Vi, =1.32 V.

TYPICAL QUTPUT HIGH VOLTAGE Vg

The output voltage is high when the input voltage is  “07. Assuming the typical input 07 volt-
age is less than Vi, then Q4 will be completely cut off. Under this condition, the source-drain
voltage of Qp will be very smull. For this case, we have Vg « Voo and Qg 18 rard in the
triode region. A transistor that is hard in the triode region has its current given by

w
Ip22 “pcox(t)zvaﬂ-avsn-z e

Thus, its current is approximately proportional o the voltage across it, Since Vgpo =
Vsgz+ Vip =Vpp/2 + Vi = 075 V, we can approximate Qp by a resistor of size

|
e 4.7

L MpCox(WL); Vo (
Since Q is off, there will be no current through Qg, and according to equation (4.61,
Vgp.o = 0. which implics Vo = Vo = Vpp. Thus, the typical output high voltage is Vpp.

It should be emphasized that the approximation of equation (4.7) is valid only for Vgp.
close to 0 V or equivalently for Vi close to Vpp, It is not valid when the output is in the tran-
sition region around ¥y, when changing from a "0 to 4“1, Rather, it is valid only when the
output voltage has completely finished its change during a transition.

TyPiIcAL QUTPUT LOW VOLTAGE Vg

When the input is a typical 1", from the previous section we have Vgs.q = Vpp = 2.3 V. Thus,
Q will be hard on. Assuming we have chosen the device sizes correctly, the output will be a
low voltage. Thus, it is safe to say that Qs will be in the active region and acts like a current
source of size

C
I = lpa= !%{VTVL%H (4.10)

Also, since Vi is low, we have Vgg ¢ very small (i.c., much less than its effective gate volt-
age, which is Vigg.y — Vi or 2.5 V) und Q4 is hard in the wiode region. Thus, Qy can be
approximated by a resistor of size

Fiapm= (#.11)
gl I'lncax{wn"I[VDD _vln)
The output low voltage is then simply given by
2
lujwwuw, )WL),
Vo = =z !
oL Ip.2'gs-1 2, {VDD_Vm) WL, 4.12)



GAIN AT THE CATE THRESHOLD VOLTAGE

One of the commonly uscd figures of merit for an inverter 15 the small-signal gain of the
inverter when it is at the operating point Vi, = Viy = Vi To find this gain, the transistors
should be replaced by their small-signal models described in Chapter 3. The small-signal
model of an MOS transistor at low frequencies, where the capaciiors have been removed, is
shown in Fig. 4.4, This model was described in Chapler 3, but for convenience the equations
for the various parameters will be repented here,
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Figure 4.4 The small-signal model of an MOS transistor at low irequencies.

The voltage-controlled current source, gpVgs, is responsible for the transistor operation. In
an ideal transistor, this would be the only component in the model. The transconductance g, 5
given by

w w w
O = “ncoxr(VGS'vh) = pncoxtveﬂ. - 2uncoxrln 414

The second voltage-controlled current source, ggVs, models the body effect. It is responsible
for the decrease in current as the source voltage, Vg, increases, This is the reason its direction
is opposite that of gmVgs. In many introductory texts, this current source is not included in
MOS small-signal models. For the pseudo-NMOS inverter, the sources of both the drive
transistor and the p-channel load transistor are connected to ground and Vpp, respectively,
which are both small-signal grounds. Therefore, for both transistors, ¥g = 0, and the corrent
source modeling the body effect can be ignored. The final parameter of the model is the output
resistance of the transistor, fgg. For transistors that do not have short-channe] effects, this mod-
els the reduction of the channel length due o the increase in the length of the pinch-off region
at the drain end of the channel when the drain voltage increases. For this case it is approxi-
mately given by

La Nps +V,
I

i s 4.15)

where 0 is a process-dependent constant on the order of 5./V7um (ie., L in micrometers),
For transistors having short-channel effects, the output resistance will be much smaller. For this
case we have

Yae = ﬁ (d.16)

where & must now be empirically devived from transistor measurements. This must be done for
every different channel length that is to be used.?

In deriving the small signal-model of the inverter, Vpp is replaced by ground as it is assuined
10 be & constant voltage, This leads 1o the small-signal equivalent circuit shown in Fig. 4.5a.
Note that Yo = Va.g = 0 implies both of the curment S0Urces Gm pVgs.o 40l Gg oVs.g are zero.
Also, since Vg.q =0, Gg.1V.q = 0, as well. This allows the circuit to be simplified to thut shown
in Fig. 4.5h The gain is now readily caleulated to be

Vout ~Om-\

—_—
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Figure 4.
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5 (a) The small-signal equivalent circuit of a pseudo-NMOS inverier and th) a simplified

small-signal equivalent circuit of the inverter.

This gives a gain at the gate threshold voltage on the order of — 15 w -50 depending on process-
ing parameters for a particular technology.

Also,
“ncox w 2
o1 = —3 {T)(vlh_vln] @
= 63.5 pA
Thus,
1
r = = 262 kO (4.20)
ds-1 jn1[l-l

Also, since Ip.s = lg.4, wa have

- l 2
fgs.2 = J"pIDL 242 kQ .21

as well. Finally, using (4.17), we get

Yout -0.244
v, - T/meeri/zaE - N0 v
The transfer curve, which is a plot of Vi, 4 8s a function of V;,, was obtained using
SPICE and is shown in Fig. 4,6. The gain at the threshold voltage is —=10.8, which is
significantly different from that obtained through hand analysis. Estimating circuit
gain is an area in which SPICE Is especially inaccurate. Luckily, accurate gain esfi-
mates are not important when realizing digital circuits.

Figure 4.6 The transfer curve of the
pseudo-NMOS inverter of Fig. 4.3
obtained using SPICE.

o 0.5 1 15 2 25 3 35
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TRANSIENT RESPONSE

The speed with which the output of a gaic can change state 15 limited because the transistors
can supply only a finite amount of current to charge or discharge the parasitic capacitances that
exist at every node, The parasitic capacitance is composed of three components: the iput
capacitance of the gates being driven by the output, the capacitance due to the interconnect wis-
ing, and the capacitance due to reverse-biased junctions at the output node of the gate. There is
ofien additional delay terms due to the requirement that internal nodes of a gate must change
state before the output cun change state. For the pseudo-NMOS inverter, these additional terms
are not present, since there is enly one node, the output node.

Ofien, when a gate is driving only u couple ol other gates, the junction capacitance at the
output node can be the dominant, if not the major. component of the load capacitance. As
explained in Chapter 2, this capacitance is highly nonlincar. Iis magnitude is also difficult to
predict at design time because the area of the junctions is not known before the layout has been
done and can only be estimated, For these reasons, it is very important thar the designer guar-
antees the ICs are functional irrespeciive of accurate knowledge of gate delays. Also, the
designer should supervise the layout of the circuit o ensure that the junction areas of the criti-
cal nodes are minimized.

The exact analylical derivation of the transient response of an NMOS inverter (Taub and
Schilling, 1977; Hodges and Jackson, 1988) is tedious and complicated due 1o the highly non-
linear nature of the tansistors and the capacitances (both junction capacitances and gate input
capacitances), Civen that the load capucitunces are never known accurately at the time of
design, it is deemed that the exact caleulation of the transient delays is not o much use and
would never be utilized by a digital designer working under usual time constraints. Rather,
approximate methods that give the correct order of magnitude of the response times, and can be
used to quickly determine critical nodes, must be developed.

In analyzing the pseudo-NMOS inverter for its approximate delay times, it will be
assumed that the load capacitance is ideal and known. In the examples, it will be assumed
to be 0.2 pF. Later in Chapter 6, we will discuss how to estimate this capacitance in greater
detail,

RISE TImME

First, we will caleulate the time from the point at which the input undergoes u siep change from
a“1" 1o a “0" w when the output has undergone a 70% change to approximately 2.3 V. As
mentioned in Chapter 1, the reason for using the 70% rise time as a figure of merit is that if a
large mumber of inverters are cascaded, then the xun of the 70% rise and fall times s approxi-
mately equal to the total defay through the chain of inverters. During the 70% rise time. Q4
will be off and thus will be ignored. Initially, Q3 is in the active region and has a current of
approximately

HpCox(WY |2 pCox/ W) (Voo ?
Ipa = Jg—[r]:"fiﬂ,z = T(rLI\T*’UID) 4.23)

This remains true until the voltage across Q decreases 1o Vigp.p = 0.75 V or equivalently when
Vout = 235 V. Since the output must reach 2.3 V 1o undergo a 70% change, the transistor Qp
will remain in the active region for the duration of the 70% rise time. Therefore, In.p remains
constant at the value given by (4.23). We huve

c, 2C,23

t = V.=
TR gy O Gy (WL (Vppf2)+ Vil

where C|_is the total load capacitance in Farads.

4.24)



FALL TIME

When calculating the fall time, it is assumed that at time 0, the input undergoes a step change to
Vo which wirns Qq on hard. The fall time is defined as the time it takes the output to decrease
from 3.3 V through a 70% change w 1.0 V. During most of this time, the current through Qy is
much Larger than the current through Qg and thus Qa will be ignored. This will make our esti-
maie somewhat optimistic, but helps to simplify the analysis,

Initially Q; is in the active region until Vg, < -V, or equivalenily Vpg.q4 < Vo4 =
Vgs.1 — Vin- This occurs when the output is discharged to 2.5 V (for Vi = 0.8 V). Next, Q4
cnters the triode region during most of the fall time. The analytic derivation of the fall time is
possible and has been given (Hodges and Jackson, 1988), but is of little use during design.
Instead, it is desired o find a formula for an approximately equivalent resistor that would
give a similar [all time.

As mentioned, the current through Qy is highly nonlinear as the output vollage changes
from 3.3 to 1.0 V. Figure 4.7 shows a plot of this current as a function of the output voltage.
If we could find a value lor a resistor that gives approximately the same current as the actual
transistor, the analysis would be greatly simplified. To find a resistor that is approximately
equivalent to Qy, it is necessary to find an I-V curve that is straight, passes through the ori-
gin, and results in the sume {all time as obtuined with Q4. One approximation that has been

36—
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Figurs 4.7 The transient response of the & 2| .
inverter of Fig. 4.3 for G = 0.2 pF. 3 i
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Figure 4.8 The current through Qy asa
function of the output voltage.

suggested previously is 10 use a resistor that is cyual to the resistance of Qq when Vpg g is
small (i.e., @ is hard in the triode region). The equation for this resistance (denoted Frrlis

= 1
B "noo:{w'rulwﬂb_ Van

{4.25)

Rrp

However, as can easily be seen from Fig. 4.8, this approximation would result in a resistor that
always has more current in the transition region than Q4 has. A betler approximation is a resis-
tor whose I-V curve intersects the -V curve of Qy at the edge of the triode region. This
approximation is shown in Fig. 4.8 as the straight line lubeled Rgq. Tt can be seen that for the



initial interval of the fall time, the current through Rgg will be larger than that of Qy, and for

the second part of the transition, the current through Rgq will be less than that through Q4.
The voltage ut the intersection point of the 1-V curves of Rgq and Q4 is Vpp — Vin. The cur-
rent at the intersection point is the current of Q4 in the active region, that is

BaCoxrwr
Ig, = ngm[r]l(vpg—vm)z {4.26)

The value for Rgq is the ratio of the volage 1o the current, that is

Voo —Vin 2

R =
B Cou(WIL) (Vpp — Vi)

eq

- Jis Cc 2
—5(WIL) (Vpp -~ Vin)®

Thus, the approximately equivalent resistance to Qy is twice Ryg, the triode resistance of Q4.

14.2T)

It turns out that (4.27) results in transient times that are a little over 20% (oo low. Therefore,

some designers modify (4.27) w be somewhat larger according o

" 25
¢ = 1T (WIL), (Vpp Vg

(4.28)

Others will simply vse (4,27) and then add on 20% additional time ufter the estimate. Either

approach is valid.

4.2 Pseudo-NMOS Logic Gates

In Chapter 1, 2 number of NMOS logic gates were introduced. In this section, psendo-NMOS
logic gates will be revisited, in a somewhat more formal manner, where extensive use will be
made of the equivalent-resistor approximation. This section will also deal with how to choose
the device sizes for NMOS logic gates.

An example of NMOS logic is the straightforward realization of the exelusive-or function.
The exclusive-or is defined by

Y= % @x% = XX+ XX

XiXy + X X,
= X)Xy + X + X5

A logic circuit that realizes this function is shown ia Fig. 4.9a. A psendo-NMOS realization of
this logic circuit is shown in Fig. 4.9b. The nor gate a is realized by wansistors @y, Qp, and
Q3. The second NMOS gate, composed of transistors Qg to Qp, is a compound gate; it realizes
both the nor gate ¢ and the and gate b by a series connection of drive rransistors. Notice, how the
serics connected transistors (Qg and Qg) are chosen to be wider than the parallel wansistor Qg

The general form of a typical NMOS logic gate is shown in Fig. 4.10. It consists of a single
p-channel load transistor, between Vg and Vg, that has its gate connected to a bias voltage.

(o)

Figure 4.9 (a) A logic circuit realization of the exclusive-or function. (b) An NMOS rea lization of
the exclusive-or function.



Figure 4.10 A generalized pseudo-NMOS logic
gate,
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In addition, there is a network of n-cl l-enh drive istors between Vg, and
ground. Each of the drive transistors in this network has its gate connected to an input. Pepend-
ing on the logic values of the inputs, the network of drive transistors will either provide an infi-
nite impedance between Yy, and ground, in which case the output will be Vpp, or will provide
u low enough impedance so that Vg, will be pulled low to a *0".

In the event the network of drive transi is low imped such imped must not be
larger than that of & single cnhancement transistor, with its gate connected to Vpp, and having
its WL at least onc-half the size of the load transistor. This constrains the minimum W/Ls of
the drive transistors.

The maximum W/Ls of the drive transistors are construined by the desire for speed. Making
them larger than necessary makes the logic slower than it need be for two reasons; first, it
increases the parusitic of the i I nodes of the gate; second, il increases the
outpul load capacitance of preceding gates. Taking the W/Ls too lurge does nol cause the gate
to function incorrectly.

Before describing how the W/Ls of the n-channel network should be chosen, it is necessary
to stale some important theorems regarding approximate transistor equivalency that will be
used often in this text.

4.3 Transistor Equivalency

1. Two transistors are equivalent if the ratio of their WILs is equal independent of the
absolite values of W or L. This theorem is depicted pictorially in Fig. 4.11. This statement
is obvious since the large signal 1-V equations are only functions of W/L. In reality. there are
second-order effects that make this statement only approximate. A wansistor with a smaller W
tends to have slightly less current than that predicted by (4.1) due to the cross section of the
channel, as viewed along the channel being rounded rather than square. Also, a transistor with
a shorter length tends to inaccuracies due to short-channel effects. Because of these second-
ovder effects. ransistors having very large Ws (50 to 1000 um) are usually realized by connect-

Figure 4.11 Scaling both W and L of a .
transistor has no effect on a first-order o—{= WiL — o[ (KW)KL)forany K
approximation. Q, Qﬁﬂ-l
Wi/l
o—| Wil = ,,_{% (W4 + W)L
Q Qoq

O

Figure 4.12 Two transistors in parallel (Q; and Q;) having equal Ls, are equivalent to a single
transistor having a width equal to the sum of the widths of Qy and Q.

ing a number of smaller transistors (with Ws on the order of 10 to 25 pm) in parallel. As we
will be doing only approximate analyses by hand, these second-order effects will be ignored.

2. Two transistors, with the same lengeh, connecied in parallel, are equivalent to a single
transistor having a width equal to the sian of the widths of the nea transisiors. This theorem is
depicted graphically in Fig. 4.12. The proof is simple and straightforward. Assume there are
two transistors, Q4 and Qp, having identical lengths L and widths Wy and Wo. respectively.
Furthermore, assume Lheir gates, sources, and drains are afl connccted together, and the wransis-
tors are in the active region. Then the total current, by, is given by

Iy =g +lga = (Vgs—Vy)~ (500

“ccx(wl + w?.)

2 L
Bul this is the I-V equation of a single transistor having a width Wy + W, A similar prool can
be given for transistors in the triode region.

If the lengths of the Lransistors are not equal, then onc of the transistors cun have both its W
and L scaled (according to Theorem (1)) to make the lengrhs equal and Theorem (2) can then
be applied to simplily the network.,

3, Two transistors having equal widths, comnected in series, and having their gores con-
nected together, are equivalent 1o a single tranxistor with a length equal to the sum of the indi-
vidwal lengths. This theorem is shown pictorially in Fig. 4.13. The proof of this theorem,
although straightforward, does require a little algebra. Q4 will certainly be operating in the tri-
ode region, since its drain-source voltage is small, and has a2 current given by

VZ
w DS-1
'D-i = pcox:[(vas_l —V|)VD5_| - = } {4.31)
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Figure 4.13 Two transistors (Qy and Q), having equal Ws and connected in series, with their gates
connected together are equivalent 1o a single transistur having a length equal to the sum of the

lengths of Qy and Gy,

Assuming Qo is in the active region, its gale-source voltage is given by
Vas.2 = Vas.1~Vosa
Then, the drain current of Qs is given by

uCgw
Ip. = 3‘“;_ (Vos1-Vos. Vo)’

_ MCoxW
—= ;l(Ves.1 - Vo~ Vogl*

Expanding (4.33), we have

#Co:w 2 1
Ipa = [(VGSI Vi) =2(Vgs. ~Vi)Vps.i + Vps.i]

Since Ip.4 = Ip.z. we can equate (<.31) and (4.34) and rearrange to get

w W wy\Vos
[L_ L—)Was 1~ VilVpsg - (fﬂ: o 11_‘(“85 ;-V)

V:Ds-1 1Ly 2
=(Vgg. -ViVpg. i -—5— = §ﬁwss 1=V

Substituting (4.36) into (4.31) we get

y‘cox 2
!I}l Ty |_ +L (vGS- 'vt]

{4.32)

(4.33)

{4.34)

4.35)

(4.36)

{4.37)

But this is the 1=V equation of a single transistor having length Ly + Lp and the proof is com-
pleted. If Qg had heen in the triode region, a similar proof is possible. This is left as an exe feise

for the reader (Problem 4.7).

As before, if the widths of Qy and Qy are not equal, then one of the transistors can be scaled

and the circuit can then be simplified.

Tt is now possible 1o describe a procedure for simplilying the network of drive wansistors of

an NMOS gale to either an open cireuit, or a single equivalent transistor:

1. All tansistors that have “0" inputs at their gates are off and can be eliminated from the

circuit.

2, Any transistors in series with transistors that are off can be climinated from the circuit.

3. All the remaining transistors have equal gate voltages. Theorems | und 3 can now be
repeatedly applied to repluce parallel and series connections by equivalent transistors
until eventually a single transistor (or an open circuit) results. This procedure is best

illustrated by an example.



REALIZING COMPLEX PSEUDO-NMOS GATES

As has been seen. quite complex logic functions can be realized by single NM(JE_i gates. In gen-
eral, any combination of noninverting and and or gates feeding into a single }'nveﬂpg nand o nor
gate can be realized by a single pseudo-NMOS gate. The procedure for doing this t‘synlhcsls} is
the reverse of the procedure for finding the logic function of an NMOS gate (amnalysis), The ﬁ_n:}l
inversion is realized because the n-channet drive network pulls the output low. Therefore, starting
al the outpul, realize the inversion by the combination of the n-channel drive network along with
the load transistor, The final nand or nor gate should now be considered an and or er gate, respec-
tively. Now, working from the output to the input, recursively realize the gm byl subnetworks, An
n-input and gate is realized by n series subnctworks: an n-input or gate i realized by n parallel
subnetworks. Each of these logic functions in tum is decomposed. If the input to anand or or gate

does not come from unother logic gate, but is an input to the overall circuit from the oudside
world, then the recursion is terminated by an enhancement drive transistor. As before, this proce-
dure is most readily understood with the use of some simple examples,

Realize the logic circuit of Fig. 4.17 by an NMOS gate.

Solution: The step-by-step procedure is ilustrated in Fig. 4.18.

1. The invarsion of or gate a is realized by the p-channel transistor load in com-
hination with the complete n-channe! driver network. Since gate a is now considered
a three input or gale, it translates o three parallel subnetworks between the output
and ground. Since ane of the inputs of gate a is from the outside world (i.e., xg), one
of the subnetworks is simply a transistor (Qg). This is ilustrated in Fig. 4.18a.

2. Next, subnetwork 1 is decomposed. It corresponds o gates b and ¢ in Fig.
4.17. And gate b corresponds to two series subnetworks between the output and
ground, ona of which is a transistor Qg having input xg. The other subnetwork, cor-
responding to or gate ¢ translates to two parallel transistors Q) and Q. having
Inputs x; and x,. This step of the realization is illustrated in Fig. 4.18b.

3. Finally, a similar procedure is used for realizing subnetwork 2. The complete
circuit is shown in Fig. 4.18c.

¥ =0 wnzixﬁ'uxs-n- Xg + Ng D+ X

Figure 4,17 A logic circuit used in Example 4.10,
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Figure 4.18 The various stages of realizing the logic function of Fig. 4.17.
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Figure 4.19 An aliernative {and inferior) realization of
submetwork 1 of Fig. 4.18a.

It should be noted that the realization of subnetwork 1 in the above example is not unique, Tt
would have been possible to have Qg conneeted to ground and Qy and Q connecied to the out-
put, as shown in Fig. 4.19. As will be shown later in this chapter, this would result in a slower
gate, s it would increase the capacilance at the output node. The following rule is used for
minimum delay: when realizing and finctions by a series connection of subnetworks, place the
more complicated subnetworks closer to grownd. This keeps the parasitic capacitances intro-
duced by the transistor junctions as close to ground as possible, which in turn means they are
being discharged by the smallest equivalent resistance possible. This principle is particularly
important for dynamic gates, which will be described in a later chapter. As a final nole, never
realize NMOS gates that can have more than four drive transistors in series as this would seri-
ously degrade the speed of the gate.

CHOOSING TRANSISTOR SIZES

As mentioned previously, the basic rule in choosing transistor sizes is that for any possible
input combination that results in a finite impedance between the output and ground, the equiv-
alent transistor to the n-channel driver network should have a WYL at least one-half that of the
load, ussuming the load is a p-channel transistor with its gate conneeted to Vpp/2. Given this
constraint, the W/Ls of the driver network should be as small as possible.

The relative size of the p-channel load wansistor (i.c., its W/L) is chosen as a compromise
belween speed and size versus power dissipation. The larger the W/L of the load transistor, the
faster the gate will be, particularly when driving many other gates or a bus, Unfortunately, this
increases the power dissipation and the aren of the driver network. A typical W/L might be
around 5 umflyin or 10 Wi/l where Ley, is the minimum channel length of the process.

Ouce the size of the load transistor has been chosen, then a simple procedure can be used 1o
choose the W/Ls of the drive transistor, Although it is not an eptimum procedure for muximiz-
ing speed, the difference in speed between the resulting gate and the optimum gaie is usually
small. The procedure is as follows:

1. Let (W/L)gq be equal to one-half the W/L of the p-channel load transistor.

2. For cach wansistor Qj, determine the maximum number of drive transistors it will be in
series with, for all possible inputs. Denote this number ry. This can almost always be
determined by a very cursory examination.

3. Take (WHL); = ny (WiL)gq



POWER DISSIPATION

A pseudo-NMOS logie gate having a “1” output has no d.c. power dissipation. A pseudo-
NMOS logic gate having a “07 outpat has a d.c. power dissipation equal Lo the current of the
p-chunnel load wansistor multiplied by the power supply voltage, Thus, the power dissipation
of a gate with a 0" output is given by

lleca: w 1
Ps =5 (f)p""w-o"nn 451

where I;Wﬂ_}p is the size of the p-channel load transistor. Assuming that a pseudo-NMOS logic
gute will have a 1" output for hall the time and a 07 output for half the time, the average
power dissipation will be

Py = i

B ncox w 2
( i Jpve,,_pvm (4.52)

In addition to this d.c. power, there is w.c. power dissipated whenever a capacitor is charged
or discharged. Also, most ICs require buffers for driving output pins and intermal buses. These
buffers often dissipate un order of magnitude more power than a typical gate, Altogether, this
implies that pseudo-NMOS ICs with tens of thousands of gates {which is not a large IC by
modermn stundards) dissipate a very large amount of power, typically 100 much for an 1C pack-
age to dissipate. For this reason, pseudo-NMOS logic is seldom used for a complete circuit;
rather, it might be used only in select locations in which the fan-out is small and speed is eriti-
cal. However, the design procedures used for the n-channel drive network are idenrical 1o the
design procedures for the n-type diive networks of other logic, families sueh as traditional

CMOS logic, dynamic CMOS Jogic, and GaAs logic,

OTHER PSEUDO-NMOS CIRCUITS

The bias voltage for pseudo-NMOS circuits can be casily obtained using & ref circuit
such as that shown in Fig. 4.21. The ratio of (W/L)4 to (W/L)3 should be the same as the ratio
of (W/L)eq 1o (WIL),: (WiL)aq = (1/2)(W/L), is a reasonable choice as shown. The transistor
Qj has been included to realize capacitive loading, which helps minimize noise being injected
onto Vijgs. Its exact size is dependent on how many gates the reference circuit is connected Lo
and can be determined using SPICE-level simulation.

Alernative pseudo-NMOS circuits can be realized that do not require a reference (or bias) cir-
cuit by simply connecting the gate of the p-channel load o ground as is shown in Fig, 4.23.
Notice that the relative size of the n-channel drive transistor relative to the p-channel load transis-
tor is now different. To obtain reasonable gate threshold voltages and outpul-low voltages, the
typical choice is 1o now take (W/L)gq = 2(WIL)p. The transfer curve of the inverier of Fig. 4.22,
obtained using SPICE, is shown in Fig. 4.23. it is seen that the gate threshold voltage is 1.58 V
and the output low voltuge is 0.17 V; bath are reasonable values. Also note that the gain at the
gate threshold voltage is -6.5, which is less than the pseudo-NMOS gate when the p-channel
load is biased using a bias voltage. The reason for the lower gain is that when the gate outpul
voltage is ai the threshold voltage, the p-channel load transistor is in the triode region and has a
smaller drain-source impedance (i.¢., fyg) than when it is in the active or saturation region. The
analysis for the gain at the gate ihreshold voltage is left as an exercise for the interested reader

(see Problem 4.12),
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Figure 4.21 A circuit that can be used to generate the bias Viias
voltage for pseudo-NMOS gales. 406 Qs
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Figure 4.22 An alternative typical pseudo-NMOS inverter in a 0.6 um -
technology. Vout
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NMOS LOGIC WITH DEPLETION-LOAD TRANSISTORS

The pseudo-NMOS gates we have just described were actually based on an earlier type of logic
where n-channel depletion rransistors were used as the loads. This logic family was called
NMOS logic and wus prevalent in the carly days of B-bit microprocessors; now it is seldom
used. NMOS logic is very similar to pseudo-NMOS logie: although historically it came sec-
ond, pseudo-NMOS logic was described first because il is currently used sometimes for critical
circuits in an IC, whercas depletion-load NMOS logic is almost never used now. Also, the anal-
ysis of pseudo-NMOS logic for the gain at the gate threshold voltage is simpler than for tradi-
tional NMOS logic where a second-order effect called the body effect becomes dominant, This
section should be considered optional for a first-level course; it has been included because of
its historical importance and as an example of using depletion transistors.

An example NMOS depletion-load inverter is shown in Fig. 4,24, The load is realized by a
depletion ransistor having its gate connected to its source, Since for a depletion transistor, we
huve Vg < 0, where Vi is the threshold voltage of the transistor, a channel is present forVgg =
0. The depletion transistor will be in the active region for Vg > Vggr.g = =Vig, which might be



on the order of 2 V or a liitle larger. Assuming this to be the case. we have the drain current of
the depletion load transistor given by

1 C o (W

03 = M) v
Thus, the depletion transistor with its gate connected to its source approximates a d.c. current
source ignoring second-order effccts; as such it is an extremely efficient realization. In reality,
it approximates only a moderate-guality current source. A major source of error is the fact that
as the source-to-suk voltage ch the depleiion-region width between the chanuel and
the substrate changes, which in turn causes the threshold voltage to change according to the
equation

Vig = Vigo + ¥( NSB"'12¢FI' 26¢)) 4.55)

This effect is called the bedy effect. When the inverter output voltage is around the gate thresh-
old voltage. this causes the outpul impedance of the inverter to be finite, perhaps on the order of
only eight times greater than 1/gm 2 where gm.p is the transconductance of the depletion tran-
sistor. In addition, the finite output impedance of the depletion and driver transistors also
reduce the gain of the inverter somewhat. Together, these two effects cause the gain of the
inverter of Fig. 4.24 at its threshold voltage to be given by

Vout = “Gm-i
Vin ™ " g0+ Gust + Gas2

(4.56)

when the output voltage is around the gate thieshold voltage. Note that gg 5 is the body-clfect
transconductance parameter and that Qg1 and Gys.o are the druin-source admittances of Q, and
Qy, respectively. The derivation (4.56) is left as an exercisc for the interested reader (see Problem
4.13). Thus, the gain of the inverter at the gate-threshold voltage might be between —6 and -9,
However, this somewhat low gain has little impact on digital circuits, A typical transfer curve of
an NMOS inverter obtained using SPICE is shown in Fig, 4.25. A value of Vg = —2 V was uscd
to obtain this curve. Also, the W/L of the drive transisior was taken to be four times the W/L of the
drive transistor as is shown in Fig. 4.25. This ratio of sizes was # lypical ratio oflen chosen by
NMOS circuil designers. The gate-threshold voltage is seen to be 144V and (he gain ol the
threshold voltage is ~8.3. The output low voltage is 0.14 V. This transfer curve is acceptable.

NMOS logic dominated intcgrated cirenit design during the late 1970s. Indeed. it was
NMOS technology that was a key factor in the development of 8- and [6-bit microprocessors
that enabled the home-computer revolution. In the early 1980s. CMOS logie, which will be
described next, began to become more popular because its power dissipation was much less,
despite the fact that the circuits took more area, the yield was less, and the processing was more
complicated. in the late 1990s. NMOS logic has practically disappeured due 1o its power dissi-
pation. However, as was mentioned previously, similar logic families with similar design meth-
odologies are still quite popular.



Figure 4.25 The transfer curve of
the NMOS inverter of Fig. 4.24.
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CMOS Logic

CMOS Logic, first developed for commercial use in the early 1970s, was originally thought to be
too complicated, expensive, and slow to compete with NMOS technology. It was also originally
prone 10 a failure mechanism called farch-up (which was described in Chapter 3). However, with
improvements in technology, the increasing complexity of NMOS processing, and the increasing
imporance of power dissipation as ICs got larger, CMOS technology has almost completely sup-
planted NMOS technology at present. Not only does the availability of p-channel transistors
allow for much lower power dissipation, but it also gives u much better drive eapability for
positive-going signals, As 1Cs become fuster, this becomes more critical, especially for output
buifers that need 1o drive large capacitive loads.

Normally, a CMOS IC has only n-channel and p-channcl enhancement transistors; it is pos-
sible to realize depletion wansistors as well, but typically this is not done because the few times
they would be uselul does not justify the extra mask required.

As was done for pseudo-NMOS logic, the CMOS inverter will first be revisited in greater
detail. and then CMOS logic will be studied more fully und in greater detail than was done in
the introduction in Chapter 1.

CMOS INVERTER

A typical CMOS inverter is shown in Fig. 4,26, Note that the size of the p-chunnel transistor
is wider than that of the n-channel transistor. This width difference is not needed for func-
tionally correct operation. Rather, it somewhat compensates for the difference in the mobili-
ties of n-channel and p-channel transistors, The effective mobility of n-channel transistory is
between two and four times that of p-channel transistors. Muking the p-channel device wider
by a ratio equal to the inverse of the conesponding mobility ratio gives a gate threshold voltage
close 1o Vpp/2 and more nearly equal rise and fall times than would otherwise be the case.

Figure 4.25 The transfer curve of
the NMOS inverter of Fig. 4.24,
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CMOS Logic

CMOS Logic, first developed for commercial use in the early 1970s, was originally thought (o be
oo complicated, expensive, and slow to compete with NMOS technology. It was also originally
prone 1o & failure mechanism called fatch-up (which was described in Chapter 3). However, with
improvements in technology, the increasing complexity of NMOS processing, and the increasing
importance of power dissipation as ICs got larger, CMOS technology has alimost completely sup-
planted NMOS technology at present. Not only does the availability of p-channel transistors
allow for much lower power dissipation, but it also gives a much better drive capability for
positive-going signals. As 1Cs become fuster, this becomes more critical, especially for output
buffers that need Lo drive large capacitive loads.

Normally, a CMOS IC has only n-channel and p-channcl enhancement transistors; it is pos-
sible to realize deplerion trunsistors as well, but typically this is not done because the few times
they would be useful does not justify the extra mask required.

As was done for pseudo-NMOS Jogic, the CMOS inverter will first be revisited in greater
detail, and then CMOS logic will be studied more fully and in greater detail than was done in
the introduction in Chapter 1.

CMOS INVERTER

A typical CMOS inverter is shown in Fig, 4.26. Note that the size of the p-chunnel transistor
is wider than that of the n-channel transistor, This width difference is not needed for func-
tionally correct operation. Rather, it somewhat compensates for the difference in the mobili-
ties of n-channel and p-channel transistors. The effective mobility of n-channel trunsistors is
between two and four times that of p-channel transistors. Making the p-channel device wider
by a ratio equal to the inverse of the corresponding mobility ratio gives a gate threshold voltage
close 1o Vpp/2 and more nearly equal rise and fall times than would otherwise be the case.

Figure 4.26 A typical CMOS inverler, Vi Vot

Q, 12106

Alternatively, taking the p-channel width more closely equal to the width of the n-channel
saves on area ind helps minimize loads on preceding gates. lrrespective of the relative sizes
chosen, traditional CMOS gates will function correctly. For this reason, rraditional CMOS
logic is called a ratioless fogic family. Typical choices for the widih of p-channel transistors
might be between 1 and 2.5 times the width of the n-channel devices. Unless large capacitive
Toads are being driven, a width 1.5 times that of the n-channel transistor is a reasonahle choice
mast of the time; the exception is when a large number of p-channel transistors are in series, in
which case they should be taken correspondingly wider.

THRESHOLD VOLTAGE

When analyzing the CMOS inverter for its threshold voltage (Vy,). it is known a priori that both
the p-channel and n-channel transistors are in their active or saturation regions. This is true
because since Vi, and V are equal (when Vi, = Vi), the drain-gate voltages of both the p-
and the n-channel transistors are zero. Since they are both enhancement transistors, this implics
they must be in the active region.® Thus for the n-channel transistor Gy, we have

1,Cor W 2
o1 =3 [t)l{vl" SV (4.57)

and for the p-channel transistor Qy, we also have®

HpCox /W 2
lpp = %(TLNDD Vi + Vyp) (45%)



where we recall that th is negative. Setting (4.57) equal to (4.58), and solving for Vy,, gives

VintVpp* Vip] up(W.‘L)EJQAW\"I’ﬂ:}_,

= 2B (4.59)
th 14 iy WL/ (WIL),

INVERTER GAIN AT V= Vi

In analyzing the CMOS inverter for its gain at the threshold voltage, the procedure is the same
as for the pseudo-NMOS inverler. The small-signal equivalent circuit for the inverter is used,
which is then anulyzed for iis gain. The small-signal equivalent circuit for the CMOS inverir
is shown in Fig. 4.27.

Notice that as in all small-signal circuits, the d.c. power supplies have been set to zero. There
are no current sources 1 model the body effect, as the sources of both tansistors are connected to
small-signal grounds. Note also that the small-signal circuil for the p-channel transistor is identi-
cul 1o the small-signal circuit for the n-channel transistor.” Thus, there are two small-signal mod-
els for transistors in paralle], This allows Fig. 4.27 o be redrawn as shown in Fig. 4.28.

; fdg-2
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Figure 4.27 The equivalent small-signal mudel of a CMOS inverter.
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The gain is now immediately found to be
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Yin



TRANSIENT RESPONSE

The caleulation of the transient response for both the rise and the fall times is almost identical
1o the calculation of the fall time of the NMOS inverter. For example, with respect to the fall
time of the CMOS inverter, the p-channel transistor is off and can be ignored, and the n-channel

transistor can be approximated by un equivalent resistor of size

R 2.5

o I'lncr.u:("N‘FL:r 1 tl"“D'l:‘.'_ Vln]
Similarly, during the rise time the p-channel transistor can be approximated by
A 2.5

2" HCox (WIL)(Vpp + Vi)

(4.66)

(467)

Using these approximations, the rise or full times can now be approximated using the solution

to a first-order RC circuit:

' Hoq_1CLIn[;%IJ (4.6%)
For a <70% voliage change, this yields
g, = 'I.ZF'\'aq_lf.?,_ 14.09)
Similarly, for the rise time we have
‘+?{]%£1'2an.ch .70

THE EFFECT OF TRANSISTOR SIZES ON THE TRANSIENT RESPONSES

In NMOS logic, the correct choice of the sizes of the transistors was necessury for the gates o
work. This is nol necessary for typical CMOS logic w operate [unctionally correctly. However, as
was mentioned, the ratio of the W/Ls of the p-channel transistors fo the W/Ls of the n-chunnel
wransistors does affect the gate threshold voltages and, more importantly, the tamsient response.

There is no exact optimum ratio for the sizes of p-channel transisiors w n-channel transistors
that can be specified independent of the application. However, there are two situations in which

&1 (WiL)g
Invertar 3
Qs
Qs —[ (WiL),
(W) .
= These inverters
V. o |—{ OVM are the loads on
5 the first inverter.
Inverter 1 Ii{ Qy
wy, 5 o,
Inverter 2
i {WiL),

Figure 4.29 A CMOS inverter driving two identical inverters.

something can be said about the relative W/Ls. The first case is when a single gate is driving a
number of identical gutes.

Consider the situation shown in Fig. 4.29 in which a CMOS inverter is loaded by the input
cupacitance of two identical inverters. This example is Lo be analyzed for the transient response
times of the first inverter. It is assumed that all n-channel transistors have identical WiLs., Also,
all p-channel transistors are assumed to have the same W/Ls, but these may be different from
those of the n-channel wansistors. This situation is representative of many typical situations
encountered in CMOS design where the [im-out is small.

When considering the transient response of the first inverter, it is first necessary Lo approxi-
mate the capacitive load. There are two components to this load. The first is the junction capac-
itance of the drains of Qy and Q. These cupucitances are roughly proportional to the widths of
Q4 and Qg assuming Qq and Qy are not oo large®, In addition, there are the capacitances due
1o driving the inverters 2 and 3, The input capacitances of these inverters consist principally of
the gale capacitances of two n-channel transistors and two p-channel transistors. The exact



determination of these capacitances is a difficult and highly nonlinear prablem, but fortunately
conservative estimates are casily wrived at using (3.61) of Chapter 3. which is repeated here.
When a transistor is hard in the triode region, its gate-channel capacitance is approximately
given by

Cgs = WLC,,, (4.73)

Using equation (4.73), we find the capacitive loading of the two inverters is approximately
given by

C = 2CD‘L(W“+WPI (4.74)

assuming the n- and p-channel transistors have equal lengths, which arc also chosen equal to
the minimum length. Thus, these input capacitances are also proportional to the widths of the
transistors.

Assuming all ransistors have equal minimum lengths, then sealing the widths of all the transis-
tors equally. both n-channel and p-channel, has little effect on the transient delays. This is
because as the widths go up, the capacitive loads go up proportionally, but the equivalent resis-
tances go down inverse proportionally and the rise and fall time constants are roughly unchanged.
This is not exactly true for very small widths in which the junction side-wall capaciiances become
maore important causing larger delays. It also ignores wiring capacitance and cxtemal capaci-
tances, When these become important, wider transistors result in smaller delays, However, for the
simple case being idered, the ind: dence of the delay on the scaling of all transistor widths
is a reasonable approximation. Thus, it is necessary to optimize the delay only as a function of the
ratio of the W/L of the p-channel transistors w the W/L of the n-channel transistors.

If a number of gates are in serics, with no memory or local feedback (i.e., acyclic logic), then
the average of the rise and the [all times determines the overall gate delay. This might not be the
case for flip-Nops or pipelined logic. but will be the case considered now. Alsv, only the foad
capacitance due to the gates being driven will be considered, If the junction capacitance was also
considered, the conclusions would change very little, but the analysis would be more compli-
eated. This extra complication is not felt to be merited by any substantial increase in insight,

The average of the rise and the [all times of the first inverter of Fig. 4.29 is

R +R_ -~
tay = 1.2C, —31 =12 475)

where Cy_is given by (4.74) und R4 and Raq.p are given by (4.66) and (4.67). respectively.
Therefore, we have

tay = 1:2% 2, LW, + W) n2'5 + w2'5 @76
llncnxT[VDD_ Vtﬂ} [ cm( L {VDD I th’
Assuming Vpp — Vi, = Vpp + Vg und rearranging, we have
aL’
- —( ) jginCn ] @m
AV T (Vpp = Vi, ( I-‘p P

To find the optimum Wy/W, to minimize the average of the rise and fall times, we can differen-
tiate (4.77) with respect 10 Wg/Wh, sel the result equal 1o zero, and solve for W/W,. Continu-
ing, after some algebra, we have

My a’ 1. B Wi
. = -4 i et 4.78)
dWR/WL) — (Vpp=Vigditnl 1y [W ] } :

Setting (4.78) equal to zero gives the optimum (Wy / Wp) as

w fiLy
[WE)ON = :J;Tp (4.79)

For example, if ppfuy = 2.5 the optimum ratio for W/Wy, is 1.58. This was the reason for the
carlier statement in %cl:(m 4 that a ratio of Wy/W, equal to 1.5 is usually a reusonable choice.

For this choice we have
3 2
3L ‘“n
it B e———| ] [— (4800
A Wnn‘vtn)”n[ F‘p]

It is interesting to see how the average rise and fall time increases for the special cases
W/W, = 1 and W/W, = /it For W/W,, = 1 and using (4.77). we have

3
&L” I-ln]
t = e 1 + (4.81)
Av WDD*th}V‘n( Hp

Also, for Wy, / Wy, = ug/ug,. we have
6L B
i =R | o _"'] 4.82
'V = Voo- th)!-'nE1 Hp b
which is identical to (4.81). For example, if pg/ip = 2.5, a typical value, using (4.80), (4.81),
and (4.82). we see the increase in the average of lhc rise and fall times is 5%. This very small
increase indicates that though an optimum exists, taking Wp/Wp, = | would cause very littde
penalty and would save on space. This choice is often used except in more critical designs.

It should be emphasized that the preceding analysis ignored any wiring capacitance or external
capacitances that do not scale with the transistor widths. When these load capacitances dominate,
taking the p-channel wider definitely improves the rise time and therefore the average of the rise
and full times. In this extreme, designers often tukeW,jWn 2 or 3. Ax a compromise, for when
the load of the gate is not known, u reasonable choice again might be Wp/W, = 1.5,



The constant term in cquation (4.80), that is the term

&
2
Torae = o——o—— (483
L T !
is independent of geometry and dependeni only on the technology. It is a good figure of merit
when comparing two different technologies. Also, it makes it obvious how important short-
channel lengths are for high-speed operation.

POWER DiSSIPATION

As has been mentioned muny times previously.” the major reason for the popularity of CMOS
logic is that traditional gates have no d.c. power dissipution when their outputs are not chang-
ing. However, whenever the output of a CMOS gate changes, there is power dissipated in the
gate transistors. The primary reason for this power dissipation is the movement of charge
required to charge or discharge external load capacitances and internal parasitic capacitances.
In addition, for input signals with finite rise and lall times, it is possible that d.c. paths exist
between the power supply and ground lemporarily while the output is changing. This is espe-
cially true for large inverters used as buffers.

The power dissipated by an inverter charging or discharging a load capacitor is particulurly
easy to calculate. Consider the inverter of Fig. 4.30 that has a square-wave input of frequency
foi and a load capacitance Gy, Each time the output changes from a “0” to a “17, the load
capacitor is charged from 0V o Vg by the n-channel transistor. The energy dissipated in the
ri-channel transistor during this time is cquul 10

.
g = Voo

a 3 (459

R T
UL N

T=_1
teik

Figure 4.30 A CMOS inverter with a square-wave input (al a frequency fuy).

Similarly, the energy dissipated in the n-channel transistor whea the inverter outpul changes
froma*“1"toa*0" is

(4.85)
Since the output changes from a 0" to a “17 and back to a “0" cach period (T) of the input, ihe
totul energy dissipated each period is equal to

Er = CLVEDD (4.86)
The average power dissipated during a period is the total energy dissipated divided by T. Thus,
the average power dissipation due to the dynamic charging and discharging of the load capaci-

lance is

2
CiVpp >
Paynavg = —5— = CLVpofek (487)

Thus, the average power dissipation is proportional to the clock frequency. At higher clock fre-
quencies, more power is proportionally dissipated. Also, the power dissipated is very sensitive
10 the power-supply voltage. Decreasing the power-supply voltage from 5 to 3.3 V decreases
the power dissipation by approximately one-half.

A CMOS gate continvously changing at maximum speed dissipates a similar amount of
power as an NMOS gate running at a similar speed. This would seem to coniradict the stated
superiority of CMOS logic with respect to power dissipation. Luckily, most modern chips have
tens of thousands or even millions of gates that do nov change in any given clock cyele. For
example, in a computer chip, most of the memory and registers are unchanging in any given
clock cycle. The gates that do not change do not dissipate power and the overall dissipation is



Figure 4.31 The inpul voltage waveform and the
direct-path current of a CMOS inverter when the
inpul vollage has finite rise and fall times.

much less. However, for the purticular case of a CMOS gate changing continuously at full
speed, the designer might consider logic cireuits that have d.c. power dissipution, if smaller
size or greater speed results. The overall difference of the power dissipation of the total chip
will be small for this case.

There is additional power dissipated over and above that given by (4.87). This additional
component is due to that fact that during transitions there is some d.c. current going through
both the p-channel and n-channel transistors at the same time. This current is often called
direct-path current. This additional power is usually less than 20% of that due to charging and
discharging parasitic capacitances (Veendrick, 1984), but can be substantial, particularly if the
input changes slowly.

This power dissipation can be estimated assuming the area under a plot of the direct-path
current of an inverter can be approximated by a triangular wave (Rabaey, 1996). For example,
consider the plots of the input voltage and direct-path current of a CMOS inverter shown in
Fig. 4.31. Once the inverter threshold voltage, Vi, hax been found, then the peak direct-path
current is found from

u,C
lpoak = %(%]‘w,,,-vmﬂ “sh
where it is assumed the N-channel drive transistor is Qq. The energy dissipated cach period is
then given by

Eap 3

Lol bosagly to+ 1
_ peak'r  'peak - r i
= VDD(T*T] = ".‘DBIPE“[#) (4.89)
‘The average power dissipaled is the energy dissipated per period divided by the time of the
period. Thus, we have

1 IT +t| tr + II
Pdpavg = Tvnulpaak( 2 )= VDDIpeak[ 2 ]fclk (4.90)

CMOS Gate Design

There are many different design methodologies for realizing logic funclions using CMOS tran-
sistors. In Chapter 1, we were introduced to traditional CMOS gates. These will be dealt with
in greater detail in this secton. Different types of CMOS logic families are now guining in pop-
ularity. These newer familics tend to minimize the number of p-channel transistors required
and often use dynamic techniques such as precharging outputs o a high voltage before evaluu-
tion. In addition, they often operate on fully differential signals. That is, every signal is propa-
cated along with its complement. These advanced techniques will be covered in Chapter 9.

TRADITIONAL LOGIC DESIGN

The traditional upproach o CMOS logic design is to realize an n-channel driver circuil the
same as one would for pseudo-NMOS logic, although the transistor sizing might be done dif-
ferently, The load is then realized as a complementary p-channel network,



As an example ol a moderately complicated CMGS logic circuit, consider the realization of
a full adder. A full adder is one of the most often used building blocks in arithmetic circuits.
These circuits are often in the critical path of microcomputers and digital signal-processing cir-
cuits; thus, a lot of effort has been spent on optimizing them. A full adder has three inputs (A,
B. and C) and two outputs (Sum and Carry). The functions realized by a full adder are

Sum = A®B®C = ABC + ABC + ABC + ABC 494
and
Carry = AB+AC+BC = AB+C(A+B) (1.95)

In words, the st function realizes the three-mput exclisive-or function: its output is a =17 if an
odd number of inputs are “1%s. The carry is a * 17 if two or more inputs are 175, A logic diagram
that realizes both functions is shown in Fig. 4.32. Since there are only four inverting gates in the
diagram, the function can be realized by four CMOS gates: two of these gates are simple inverters.

The first complex gale can realize the same function as logic gates a. b. ¢, and d. The n-channel
drive network, which is arrived ar using the same procedures as described previously for
pseudo-NMOGS logic gates. is shown in Fig. 4.33. The complementary p-channel network.

Figure 4.32 A logic diagram that
realizes the full adder,

Vout

c o—| o—j
Figure 4.33 The n-channel drive B

network for realizing the gates a. b, ¢,
and d of Fig. 4.32.

A o—f
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B o—|
A o—f C o—|E
Figure 4.34 The complementary p-channel
Ao—f B HI: network to the n-channel network of Fig, 4.33.
———o Vout
A o] B of
8 of .
Figure 4.35 An equivalent p-channel network
to the p-channel network of Fig. 4.34.
¢ ol A of

Vout

derived using the technigues of Section 1.2, is shown in Fig. 4.34. Figure 4.34 could be simpli-
fied somewhat by noting that the p-channel network of Fig. 4.35 realizes the same fuaction and
only has lwo transistors in series worst-case, This and similar simplifications are often possi-
ble: unforumately, a formal procedure to identify and implement these simplifications has not
been found.

In a similar manner, the CMOS realizations of logic gutes ¢, f. g, and h can be found and sim-
plified. The realization of inverters i and j are obvious. The complete CMOS realization of a
full-adder cell is shown in Fig. 4.36.

There is no exact optimum procedure for choosing the W/Ls of transistors used to realize tra-
ditional CMOS logic gates. The gates will always function correctly independent of the sizes
chosen, However, there are a few guidelines that are often followed. These guidelines mimic
the procedures used for choosing the W/Ls of wansistors used in NMOS gates. Basically, the
transistors are taken wider if it is possible they might be in series with a larger number of tran-
sistors. However, in traditional CMOS circuits, the Ws are seldom taken larger than 10 1o
20 pm to conserve space. Also, the W/Ls of p-channel networks are sometimes taken larger
than the W/Ls of n-channel networks to give more equal rise and fall times, given the unequal
mobilities of electrons and holes.

When the designer has the choice, nand gates are preferable in traditional CMOS design
compared to nor gates. This is because nand gates have the n-channe transistors in series and
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Figure 4.36 A CMOS realization of the full-adder function,
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Figure 4.37 CMOS nand (a) and nor (b) gates along with typical WiLs.

the p-channel transistors in parallel, where the opposite is true for ror gates. When designing
for almost-equal rise and fall times, nand gates have more equally sized transistors: in nor
gates the W/Ls of the p-channel transistors gel quite large. For example, Fig. 4.372 and b shows
typical realizations of two input nand and ner gates with reasonable sizes. Notice the smaller
W/Ls of the nand gate.

Despite the more reasonable WiLs, the worst case rise time of the nand gate is the sume as
that of the ror gate when driving lurge capacitive loads.

Given the preference for the and function when formal logic design techniques are used,
functions that result in and-or functions are usually preferable 1w those that result in or-and
functions, as the former is traditionally realized by two levels of nand gates, whereas the latter
is normally realized by two levels of nor gates. This means grouping the “17s is often prefera-
ble to grouping the “0"s when using Kamaugh map realization techniques for logic minimiza-
tion (Mano, 1984).

This generalization only holds when simple nand or ner zaies are used. When complex gates
are used, one should check all possibilities,



UNIT-2 COMBINATIONAL CIRCUITS
MOS Logic Circults with Depletion nMOS Loads

Two-Input NOR Gate

The first circuit to be examined in this section is the two-input NOR gate. The circuit
diagram, the logic symbol, and the corresponding truth table of the gate are given in Fig.
7.2. The Boolean OR operation is performed by the parallel connection of the two
enhancement-type nMOS driver transistors. If the input voltage V, or the input voltage
Vy is equal to the logic-high level, the corresponding driver transistor turns on and
provides a conducting path between the output node and the ground. Hence, the output
voltage becomes low. In this case, the circuit operates like a depletion-load inverter with
respect to its static behavior. A similar result is achieved when both V, and V, are high,
in which case two parallel conducting paths are created between the output node and the
ground. If, on the other hand, both V, and V,, are low, both driver transistors remain cut-

off. The output node voltage is pulled to a logic-high level by the depletion-type nMOS
load transistor.

Voo

Vout

Vi Ve | Vouw

: (WAL : Willg fow low g

Wa _| Vg _| ::h :::h x
L Ll L ! high  high lower

Figure 7.2.

A two-input depletion-load NOR gate, its logic symbol, and the corresponding

truth table. Mote that the substrates of all transistors are connected to ground.

The DC analysis of the circuit can be simplified significantly by considering the
structural similarities between this circuit and the simple nMOS depletion-load inverter.
In the following, the calculation of output low and output high voltages will be examined.

Calculation of Vg,

When both input voltages V', and Vg are lower than the corresponding driver threshold
voltage, the driver transistors are turned off and conduct no drain current. Consequently,
the load device., which operates in the linear region, also has zero drain current. In
particular, its linear region current equation becomes

k
I toan = — ;m ‘[2ivr.1md(VaH}| (Voo — VDH]“ (Voo — Vou ]a]_:{] (7.1)

The solution of this equation gives Vi, = V.

Calculation of V

To calculate the output low voltage V., we must consider three different cases, i.e., three
different input voltage combinations, which produce a conducting path from the output
node to the ground. These cases are

W v,
(i) Vv,
(i) V',

[

==

O
QL

VB =
VB =
on Vg =



For the first two cases, (i) and (ii), the NOR circuit reduces to a simple nMOS depletion-
load inverter. Assuming that the threshold voltages of the two enhancement-type driver.
transistors are identical (Voy , = Vi, o = Vi), the driver-to-load ratio of the corresponding |
inverter can be found as follows. In case (i), where the driver transistor A is on, the ratio
is

i [ ]
k = ka‘rfm-,.d e -L A
B =

W ‘ 7.2
=arwiy o

In case (ii}, where the driver transistor B is on, the ratio is

W
T [
=kd-n|m.ﬂz n.dnm[L]H
Ko km[%] (7.3)
load

kg

The output low voltage level V,, in both cases is found by using (5.54), as follows:

VoL =Vou = Vro = J{V;‘JH ~Vro)’ "[iﬁ] "VT.famd'E VOL}F (7.4) |

Note that if the (W/L) ratios of both drivers are identical, i.e., (WIL) = (WIL), the output
low voltage (V) values calculated for case (i) and case (ii) will be identical.

In case (iii), where both driver transistors are turned on, the saturated load current is
the sum of the two linear-mode driver currents.

15 toad = I, drtvera 15 drivers (7.5)

" k
b, (Vof = ~A [V = Vo Vor =V
6
o lmpved] 0

Since the gate voltages of both driver transistors are equal (V, = V=V, we can devise
an equivalent driver-to-load ratio for the NOR structure:
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Generalized NOR Structure with Multiple Inputs

At this point, we can expand our analysis to generalized n-input NOR gates, which consist |
of n parallel driver transistors, as shown in Fig. 7.3. Note that the combined current [, in
this circuit is supplied by the driver transistors which are turned on, i.e., transistors which
have gate voltages higher than the threshold voltage V..

Voo
0.
o}
o1} ioa} loa lony
6l e v —

Figure 7.3. Generalized n-input NOR gate.

The combined pull-down current can then be expressed as follows:

3 (3] lens -V V2] e
Ip= Y Ip;="

E{om) #,C. [w] 2 : (7.10);
e e B T saturation i
3t { ) Vesa o)

Assuming that the input voltages of all driver transistors are identical,
Vosi=Ves  for  k=LZ..n (7.11) |

the pull-down current expression can be rewritien as

ﬁ E(E] IZ{VGS_VN}VH_V:‘] linear

(7.12)
Eola) E[E]l (Vas—Yo)’ saturation '_
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| Figure 7.4. Equivalent inverter circuit corresponding to the n-input NOR gate.

Thus, the multiple-input NOR gate can also be reduced to an equivalent inverter, shown

in Fig. 7.4, for static analysis. The (W/L) ratio of the driver transistor here is

(%)m ) H%{%]* (7.13)

Note that the source terminals of all enhancement—tyﬁe nMOS driver transistors in the
MNOR gate are connected to ground. Thus, the drivers do not experience any substrate-bias

- effect. The depletion-type nMOS load transistor, however, is subject to substrate-bias

effect, since its source is connected to the output node, and its source-to-substrate voltage
isV..=V._. z
5B o

. Transient Analysis of NOR Gate

Figure 7.5 shows the two-input NOR (NOR2) gate with all of its relevant parasitic device
capacitances. As in the inverter case, we can combine the capacitances seen in Fig. 7.5

- into one lumped capacitance, connected between the output node and the ground. The
. value of this combined load capacitance, C,__,, can be found as

Cioad =Cpia *Cpi 8+ Coitoad + Cap 4+ Cir 8+ Cit toad + Cuvire (7.14)

Note that the output load capacitance given in (7.14) is valid for simultaneous as well as
for single-input switching, i.e., the load capacitance C,,, will be present at the output
node even if only one input is active and all other inputs are low. This fact must be taken
into account in calculations using the inverter equivalent of the NOR gate. The load
capacitance at the output node of the eguivalent inverter corresponding to aNOR gate is
always larger than the total lumped load capacitance of an actual inverter with the same
dimensions. Hence, while the static (DC) behaviors of the MOR gate and the inverter are



essentially equivalent in this case, the actual transient response of the NOR. gate will be
slower than that of the inverter.

———
I 1
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A 1= J- & =
I A

Figure 7.5, Parasitic device capacitances in the NOR2 gate and the lumped equivalent load
capacitance. The gate-to-source capacitances of the driver transistors are included in the load of
the previous stages driving the inputs A and B. '

Two-Input NAND Gate

Mext, we will examine the two-input NAND (NAND2) gate. The circuit diagram, the
logic symbol, and the corresponding truth table of the gate are given in Fig. 7.6. The
Boolean AND operation is performed by the series connection of the two enhancement-
type nMOS driver transistors. There is a conducting path between the output node and the

[ TR IEERIPLP Y TN Y P SR g S v



ground only if the input voltage V, and the input voltage V are equal to logic-high, i.e.,
only if both of the series-connected drivers are tumned on. In this case, the output voltage
will be low, which is the complemented result of the AND operation. Otherwise, either
one or both of the driver transistors will be off, and the output voltage will be pulled o
a logic-high level by the depletion-type nMOS load transistor.

Figure 7.6 shows that all transistors except the one closest to the ground are subject
to substrate-bias effect, since their source voltages are larger than zero. We have to
consider this fact in detailed calculations. For all of the three input combinations which
produce a logic-high output voltage, the corresponding V,,, value can easily be found as
Vay= Vpp- The calculation of the logic-low voltage V,,,, on the other hand, requires a

. closer investigation.
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| Figure 7.6. A two-input depletion-load NAND gate, its logic symbol, and the corresponding
. truth table. Notice the substrate-bias effect for all nMOS transistors except one,

Consider the NAND?2 gate with both of its inputs equal to V., as shown in Fig. 7.7.

Itcan easily be seen that the drain currents of all transistors in the circuit are equal to each
:: Uﬂlﬂ

Ip,i0a¢ = I, drivera = 1, drivers (7.15)
Fi
E?lvrhﬂ{vﬂf—]z " ﬂzrilz{vgs.a = VT,A]VM.A = Vgs.n]

k (7.16)
= %[Z{VG&E = Vr.a}""r—s.s “"‘ﬁu]
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Figure 7.7. The NAND2 gate with both of its inputs at logic-high level.

The gate-to-source voltages of both driver transistors can be assumed to be approximately |
equal to V... Also, we may neglect, for simplicity, the substrate-bias effect for driver
transistor A, and assume V., =V, p = Vi, since the source-to-substrate voltage of driver

A is relatively low. The drain-to-source voltages of both driver transistors can then be
solved from (7.16) as

.
k
Vos,a =Vor = Vro "\J{VDH =Vro }2 - ;.Jggﬁ_] '|VTJM{VGL)!: (7.17
\ Tdriver, A
7 [ Rinad 2
Vios, s = VYor = Vro =+/(Vor = Vro) - P '|Vr.mfvm.]| (7.18)
\, Medriver, B

Let the two driver transistors be identical, ie., k., . =kg. . o=k, . Noting that the

output voltage V,,, is equal to the sum of the drain-to-source voltages of both drivers, we
obtain

driver

Vor =z[vﬂﬁ—vm—4(vm - Vro)’ -{f@‘—] '|VT.M{V0LH2] (7.19)

The following analysis gives a better and more accurate view of the operation of two
series-connected driver transistors. Consider the two identical enhancement-type nMOS
transistors with their gate terminals connected. At this point, the only simplifying



assumption will be V., =V, = V. When both driver transistors are in the linear region,
the drain currents can be written as

To.n :LT [E[VGM ~VroVos.a _VSS.A] (7.20)
Ly =£%£[2{VGS.3—VN)VM.H‘V§£J] (7.21)

| Since I, o = I, p, this current can also be expressed as

T+l
ID=‘D,A=ID,B=% {7.22)

Using Vg 4 = Vg 5 = Vg o (7-22) yields
K iier 2
fD**?"[E{VGs.a —Vm](VM.A +Vps,ﬂ]“(vm,a + Vp.r.ﬂ] ] (7.23)

Now let Vo= Voo y and Vo = Vo, + Vi . The drain-current expression can then be
written as follows.

Ip=k"1"’" [2(Ves = Vro) Vas = Vs (7.24)

i Thus, two nhOS transistors connected in series and with the same gate voltage behave
like one nMOS transistor with k‘q =05ky..

. Generalized NAND Structure with Multiple Inputs

I At this point, we expand our analysis to generalized n-input NAND gates, which consist

of n series-connected driver transistors, as shown in Fig. 7.8, Neglecting the substrate-
. bias effect, and assuming that the threshold voltages of all transistors are equal to V., the
i driver current I, in the linear region can be derived as in Eq. (7.25) whereas [, in
saturation is taken as its extension.

[Z[Hu =Vro :“'::lul E 1"::1:] linear

_ﬁﬂcﬂ 1 =
G i 2 - (7.25)
{E] {Vh =V :l saturation
k

Efan




Hence, the (W/L) ratio of the equivalent driver transistor is

(E] > K __
L)oo ™ 1
" Z{ w] (1.26)
HeX T
3

If the series-connected transistors are identical, i.e., (W/L), = (W/L),=.. .= (W/L), the
width-to-length ratio of the equivalent transistor becomes
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Figure 7.8.  The generalized NAND structure and its inverter equivalent.

W (W
= mw.”—;[ﬂ (7.27)

The NAND design strategy which emerges from this analysis is summarized as |
follows, for an n-input NAND. First, we determine the (W/L) ratios for an equivalent |
inverter that satisfies the required V,, value. This gives us the driver transistor ratio |
(WIL) .., and the load transistor ratio (W/L),, . Then, we set the (W/L) ratios of all
NAND driver transistors as (W/L), = (W/L),=...=n (WIL) 4., This guarantees that the
series structure consisting of n driver transistors has an equivalent (W/L) ratio of
(WIL) ;... When all inputs are logic-high.




For a two-input NAND gate, this means that each driver transistor must have a
 (W/L) ratio twice that of the equivalent inverter driver. If the area occupied by the
depletion-type load transistor is negligible, the resulting NAND2 structure will occupy
‘approximately four times the area occupied by the equivalent inverter which has the same
Static characteristics.

 Transient Analysis of NAND Gate

- Figure 7.9 shows a NAND2 gate with all parasitic device capacitances. As in the inverter
_case, we can combine the capacitances seen in Fig. 7.9 into one lumped capacitance,
- connected between the output node and the ground. The value of the lumped capacitance
C s however, depends on the input voltage conditions.
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! Figure 7.9. Parasitic device capacitances in the NAND2 gate.
i

Assume, for example, that the input V, is equal to V,,, and the other input Vj is
i switching from Vaﬁ to Vi, Inthis case, both the output voltage ¥, and the internal node
i voltage V, will rise, resulting in

Cioad = Cyd,toad + Cya,a +Cpaa +Cpra

7.28
+Cpa +Co 8 +Cop, 4 + Cp togd + Coire Ll
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Note that this value is quite conservative and fully reflects the internal node capacitances ]
into the lumped output capacitance C, . In reality, only a fraction of the internal node
capacitance is reflected into C, . o
Now consider another case where Vj; is equal to V,,,, and V, switches from VOH to
V.- In this case, the output voltage V_, w1ll rise, but the mternal node voltage V, will
remain low because the bottom driver transistor is on. Thus, the lumped output capac1- 1
tance is

Coad = Cgatoad+ Coaa +Cap 4+ Cop toaa + Copire (7.29) §

It should be noted that the load capacitance in this case is smaller than the load capacitance
found in the previous case. Thus, it is expected that the high-to-low switching delay from |
signal B connected to the bottom transistor is larger than the high-to-low switching delay }
from signal A connected to the top transistor.

[

Example 7.1,

A depletion-load nMOS NAND?2 gate is simulated with SPICE for the two different input
switching events described above. The SPICE input file of the circuit is listed in the |
following. Note that the total capacitance between the intermediate node X and the ]
ground is assumed to be half of the total capacitance appearing between the output node
and the ground.

Case 1 Case 2




r

circuit delay analysis

ml 2 10 0 mn we5u l=lu

m2 4 2 3 0 mn w=5u l=lu

m3 5 4 4 0 mnd welu l=3u

el 4 0 0.1p

cp 3 0 0.05p

vdd 5 0 dec 5.0
. * case 1 (upper input switching from high to low)
. winl 2 0 dc pulse (5.0 0.0 1ns lns 2ns 40ns 50ns)
vin2 1 0 4¢ 5.0

* cagse 2 (lower input switching from high to low)
* 2 0 dc 5.0

* 10 dc pulse (5.0 0.0 1lns 1lns 2ns 40ns 50ns)

vinl
vin2
model mn nmos (vto=l.0 kp=25u gamma=(0.4)
~«model mnd mmos (vio=-3.0 kp=25u gammas=(0.d)
.tran 0.1lns 40ns
+print tran wv(l) v(2) wv(d)
~and

Output Voltage (V)

a4

ﬂ_o 1 M L 1 L
0 1.010®

2010 anio® 40 10%

Tima (s)

The simulated transient response of the NAND2 gate for both cases is plotted against
time above. The time delay difference between the two cases is clearly visible. In fact,
the propagation delay time in Case 2 is about 30% larger than that in Case 1, which proves
that the input switching order has a significant influence on speed.




. CMOS Logic Circuits
CMOS NOR2 (Two-Input NOR) Gate

The design and analysis of CMOS combinational logic circuits can be based on the basic
principles developed for the nMOS depletion-load logic circuits in the previous section.
Figure 7.10 shows the circuit diagram of a two-input CMOS NOR gate. Note that the
circuit consists of a parallel-connected n-net and a series-connected complementary p-

net. The input voltages V, and V' are applied to the gates of one nMOS and one pMOS
transistor. -

=
B
-

M3
{Ll__ gz Va___ |
0 Vo] oo
Ve =
Vout Vout
J Va
Va "'_| M Ilmz J- . nl;ﬂwomst
+ -

Figure 7.10. A CMOS NOR2 gate and its complementary operation: Either the nMOS network
is on and the pMOS network is off, or the pMOS network is on and the nMOS network is off.

The complementary nature of the operation can be summarized as follows: When
either one or both inputs are high, i.e., when the n-net creates a conducting path between
the output node and the ground, the p-net is cut-off. On the other hand, if both input
voltages are low, i.e., the n-net is cut-off, then the p-net creates a conducting path between -
the output node and the supply voltage V. Thus, the dual or complementary circuit
structure allows that, for any given input combination, the output is connected either to
Vpp O to ground via a low-resistance path. A DC current path between the V,, and
ground is not established for any of the input combinations. This results in the fully
complementary operation mode already examined for the simple CMOS inverter circuit.

The output voltage of the CMOS NOR2 gate will attain a logic-low voltage of V'
= 0 and a logic-high voltage of V,,, = V. For circuit design purposes, the switching |
threshold voltage V,, of the CMOS gate emerges as animportant design criterion. We start
our analysis of the switching threshold by assuming that both input voltages switch
simultaneously, i.e., V, = V. Furthermore, it is assumed that the device sizes in each
block are identical, (W/L) A = (WJ’L}H‘B and {'FWL]P_ 4= {W.I’L]F'B, and the substrate-bias |
effect for the pMOS transistors is neglected for simplicity.




By definition, the output voltage is equal to the input voltage at the switching
threshold.

V=V =V, =Vi (7.30)

Itisobvious that the two parallel nMOS transistors are saturated at this point, because V,
, = V- The combined drain current of the two nMOS transistors is

Ip=ky(Va=Vr,)" (731)

Thus, we obtain the first equation for the switching threshold V.

I
Vi =Vr, +1‘f (1.32)

¢ Examination of the p-net in Fig. 7.10 shows that the pMOS transistor M3 operates in the
. linear region, while the other pMOS transistor, M4, is in saturation for V; = V__. Thus,

‘._ Loy =2(Voo =V V2.1 Veoa = Vi (7.33)
| 1,;.4:521[1.5:,{,-1«'IEJEI Vi~ Vioa) (7.34)

The drain currents of both pMOS transistors are identical, i.e., Ip; = I, = I,. Thus,

Voo =V =|V,5|=2 ;i‘:- (7.35)

This yields the second equation of the switching threshold voltage V.. Combining (7.32)
- and (7.35), we obtain

bk, (7.36)

' Now compare this expression with the switching threshold voltage of the CMOS inverter,
which was derived in Chapter 5.




A J% (vm -|vr. Fr|)
Vin(INR) =

1 (7.37)
iﬂ

If k, = k, and V. = |V, |, the switching threshold of the CMOS inverter is equal to
Vo2 I.f;ing the same parameters, the switching threshold of the NOR2 gate is

Vip +
Fm{NﬂR2)=£§h (7.38)

which is not equal to V2. For example, when Vj,, =5 V and V. = |VT‘.pJ =1V, the
switching threshold voltages of the NOR2 gate and the inverter are

V,(NOR2)=2V
V,(INR) = 2.5 V

The switching threshold voltage of the NOR2 gate can also be obtained by using the
equivalent-inverter approach. When both inputs are identical, the parallel-connected
nMOS transistors can be represented by a single nMOS transistor with 2k . Similarly, the
series-connected pMOS transistors are represented by a single pMOS transistor with
k /2. The resulting equivalent CMOS inverter is shown in Fig. 7.11.

Using the inverter switching threshold expression (7.37) for the equivalent inverter
circuit, we obtain

Via +J§(Vnn _iVT.pD
V,,(NOR2)= B

k 7.39
1+ 2 %)
4k,

which is identical to (7.36).

From (7.36), we can easily derive simple design guidelines for the NOR2 gate. For
example, in order to achieve a switching threshold voltage of /2 for simultaneous

switching, we have to set V= |v”| andk =4 k.
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: Figure 7.11. A CMOS NOR2 gate and its inverter equivalent.

Figure 7.12 shows the CMOS NOR2 gate with the parasitic device capacitances, the

-~ inverter equivalent, and the corresponding lumped output load capacitance. In the worst
-~ case, the total lumped load capacitance is assumed to be equal to the sum of all internal
. parasitic device capacitances seen in Fig. 7.12.

CMOS NAND?2 (Two-Input NAND) Gate

Figure 7.13 shows a two-input CMOS NAND (NAND2) gate. The operating principle of

this circuit is the exact dual of the CMOS NOR2 operation examined earlier. The n-net
consisting of two series-connected nMOS transistors creates a conducting path between
the output node and the ground only if both input voltages are logic-high, i.e., are equal
to V- In this case, both of the parallel-connected pMOS transistors in the p-net will be
off. For all other input combinations, either one or both of the pMOS transistors will be
turned on, while the n-net is cut-off, thus creating a current path between the output node
and the power supply voltage.

Using an analysis similar to the one developed for the NOR2 gate, we can easily
calculate the switching threshold for the CMOS NAND?2 gate. Again, we will assume that

- the device sizes in each block are identical, with (W/L),_ , = (W/L)_ , and (W/L) , =
- (WIL), 5 The switching threshold for this gate is then found as

Vy o +2 %(Vm—wml)

k, {7.40)
1+2J;

V, (NAND2)=
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Figure 7.12. Parasitic device capacitances of the CMOS NOR2 circuit and the simplified
equivalent with the lumped output load capacitance.
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Figure 7.13. A CMOS NAND2 gate and its inverter equivalent.

=

- As we can see from (7.40), a switching threshold voltage of V,,/2 (for simultaneous
' switching) is achieved by setting V., = WT..DI and k =4 k_ in the NAND2,

“ At this point, we can state the following observation about the area requirements of
' CMOS combinational logic gates. In comparison with equivalent nMOS depletion-load
logic, the total number of transistors in CMOS gates is about twice the number of
transistors in nMOS gates (2n vs. (n+1) for n inputs). The silicon area occupied by the
CMOS gate, however, is not necessarily twice the area occupied by the nMOS depletion-
load gate, since a significant portion of the silicon area must be reserved for signal routing
and contacts in both cases. Thus, the area disadvantage of CMOS logic may actually be
smaller than the simple transistor count suggests.

Layout of Simple CMOS Logic Gates

- In the following, we will examine simplified layout examples for CMOS NOR2 and
NAND?2 gates. Figure 7.14 shows a sample layout of a CMOS NOR2 gate, using single-
- layer metal and single-layer polysilicon,

In this example, the p-type diffusion area for pMOS transistors and the n-type
diffusion area for nMOS transistors are aligned in parallel to allow simple routing of the
- gate signals via two parallel polysilicon lines running vertically. Figure 7.15 shows the
layout of a CMOS NAND2 gate, using the same basic layout principles as in the NOR2
layout example.
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Figure 7.14. Sample layout of the CMOS NOR2 gate.

'"'n—": M1

L

Figure 7.15. Sample layout of the CMOS NAND2 gate,
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Finally, Fig. 7.16 shows a simplified (stick diagram) view of the CMOS NOR2 gate
layout given in Fig. 7.14. Here, the diffusion areas are depicted by rectangles, the metal




connections and contacts are represented by solid lines and circles, respectively, and the

polysilicon columns are represented by cross-hatched strips. The stick-diagram layout

does notcarry any information on the actual geometry relations of the individual features,

but it conveys valuable information on the relative placement of the transistors and their
interconnections.

Wp

Figure 7.16. Stick-diagram layout of the CMOS NOR2 gate.
7.4, Complex Logic Circults

To realize arbitrary Boolean functions of multiple input variables, the basic circuit
structures and design principles developed for simple NOR and NAND gates in the
previous sections can easily be extended to complex logic gates. The ability to realize
complex logic functions using a small number of transistors is one of the most attractive
features of nMOS and CMOS logic circuits.

Consider the following Boolean function as an example.

Z=A(D+E)+BC (7.41)

The nMOS depletion-load complex logic gate that is used to realize this function is shown

in Fig. 7.17. Inspection of the circuit topology reveals the simple design principle of the
pull-down network:

+ OR operations are performed by parallel-connected drivers.
+ AND operations are performed by series-connected drivers.
* Inversion is provided by the nature of MOS circuit operation.

The design principles stated here for individual inputs and corresponding driver transis-
tors can also be extended to circuit sub-blocks, so that Boolean OR and AND operations
can be performed in a nested circuit structure. Thus, we obtain a circuit topology which
consists of series- and parallel-connected branches, as shown below.



Figure 7.17. nMOS complex logic gate realizing the Boolean function given in (7.41).

In Fig. 7.17, the left nMOS driver branch consisting of three driver transistors is used to
perform the logic function A(D + E), while the right-hand side branch performs the
function BC. By connecting the two branches in parallel, and by placing the load
transistor between the output node and the power supply voltage V. we obtain the
complex function given in (7.41). Each input variable is assigned to only one driver.

For the analysis and design of complex logic gates, we can employ the equivalent-
inverter approach already used for the simpler NOR and NAND gates_ It can be shown
for the circuit in Fig. 7.17 that, if all input variables are logic-high, the equivalent-driver
{W/L) ratio of the pull-down network consisting of five nMOS transistors is

w 1 1 !

L = 4
I —— 1+T 1 1

CRGRGAGED)

For calculating the logic-low voltage level V,,, we have to consider various cases, |
since the value of V,;; actually depends on the number and the configuration of the
conducting nMOS transistors in each case. All possible configurations are tabulated |
below. Each configuration is assigned a class number which reflects the total resistance
of the current path from V_, node to ground. k.

A-D Class 1
A-E Class 1
B-C Class 1
A-D-E Class 2




A-D-B-C Class 3
A-E-B-C Class 3
A-D-E-B-C Class 4

Assuming that all driver transistors have the same (W/L) ratio, a Class 1 path such as (B-
C) has the highest series resistance, followed by Class 2, Class 3, etc. Consequently, the
logic-low voltage levels corresponding to each class have the following order, where
each subscript numeral represents the class number.

Vo = Vorz = Vors = Vors (7.43)

The design of complex logic gates is based on the same ideas as the design of NOR
and NAND gates. We usually start by specifying a maximum V,, value. The design
objective is to determine the driver and load transistor sizes so that the complex logic gate
achieves the specified V,, value even in the worst case. The given V,,; value first allows
us to find the (W/L), . and (W/L) ,,  ratios for an equivalent inverter. Mext, we have to
identify all worst-case (Class 1) paths in the circuit, and determine the transistor sizes in
these worst-case paths such that each Class 1 path has the equivalent driver ratio of
(WIL) 11

In this example, this design strategy yields the following ratios for the three worst-

P
[L],., ]E 1[ )m, (7.44)
(2,20,

The transistor sizes found above guarantee that, for all other input combinations, the
logic-low output voltage level will be less than the specified V.
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Complex CMOS Logic Gates

The realization of the n-net, or pull-down network, is based on the same basic design
- principles examined earlier. The pMOS pull-up network, on the other hand, must'be the
dual network of the n-net. This means that all parallel connections in the nMOS pull-down
- network will correspond to a series connection in the pMOS pull-up network, and all
series connections in the pull-down network correspond to a parallel connection in the
pull-up network.



Figure 7.18. Construction of the dual pull-up graph from the pull-down graph, using the dual-
graph concept.
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Figure 7.19. A complex CMOS logic gate realizing the Boolean function (7.41).




_ Figure 7.18 shows the simple construction of the dual p-net (pull-up) graph from the

n-net (pull-down) graph. Each driver transistor in the pull-down network is represented
by an edge, and each node is represented by a vertex in the pull-down graph. Mext, a new
vertex is created within each confined area in the pull-down graph, and neighboring
vertices are connected by edges which cross each edge in the pull-down graph only once.
This new graph represents the pull-up network. The resulting CMOS complex logic gate
is shown in Fig. 7.19.

Layout of Complex CMOS Logic Gates

Now, we will investigate the problem of constructing a minimum-area layout for the
complex CMOS logic gate. Figure 7.20 shows the stick-diagram layout of a "first
attempt,” using an arbitrary ordering of the polysilicon gate columns. Note that in this
case, the separation between the polysilicon columns must allow for one diffusion-to-
diffusion separation and two metal-to-diffusion contacts in between. This certainly
consumes a considerable amount of extra silicon area.

If we can minimize the number of diffusion-area breaks both for nMOS and for
pMOS transistors, the separation between the polysilicon gate columns can be made
smaller, which will reduce the overall horizontal dimension and, hence, the circuit layout
area, The number of diffusion breaks can be minimized by changing the ordering of the
polysilicon columns.

VDD

ouT

nOS

GND

Figure 7.20. Stick-diagram layout of the complex CMOS logic gate, with an arbitrary ordering
of the polysilicon gate columns.

A simple method for finding the optimum gate ordering is the Euler-path approach:
find a Euler path in the pull-down graph and a Euler path in the pull-up graph with




identical ordering of input labels, i.e., find a common Euler path for both graphs. The
Euler path is defined as an uninterrupted path that traverses each edge (branch) of the
graph exactly once, Figure 7.21 shows the construction of a common Euler path for both

graphs in our example,

B
T Common Euler path

E-D-A-B-C

nMOS network pMOS network

Figure 7.21. Finding a common Euler path in both graphs for n-net and p-net provides a gate
ordering that minimizes the number of diffusion breaks and, thus, minimizes the logic- gate layout
area. In both cases, the Euler path starts at (x) and ends at (y).
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Figure 7.22. Optimized stick-diagram layout of the complex CMOS logic gate.
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It is seen that there is a common sequence (E - D - A - B - C) in both graphs, i.e.,a
Euler path. The polysilicon gate columns can be arranged according to this sequence,
which results in uninterrupted p-type and n-type diffusion areas. The stick diagram of the
new layout is shown in Fig. 7.22. In this case, the polysilicon column separation Ad has
to allow for only one metal-to-diffusion contact. The advantages of this new layout are
more compact (smaller) layout area, simple routing of signals, and consequently, less
parasitic capacitance,

As a further example of complex CMOS gates, the full-CMOS implementation of the
exclusive-OR (XOR) function is shown in Fig. 7.23. Note that two additional inverters
are also needed to obtain the inverse of both input variables (A and B). With these
inverters, the CMOS XOR circuit in Fig. 7.23 requires a total of 12 transistors. Other
CMOS realizations of the XOR gate that can be implemented with fewer transistors will
be examined later.

::)D-—- AGB = AB+AB 7—q b—%

mp e S
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Figure 7.23. Full-CMOS implementation of the XOR function.
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AQI and OAI Gates

: While theoretically there are no strict limitations on the topology of the pull-down and
¢ the corresponding pull-up networks in a complex CMOS logic gate, we may recognize

two important circuit categories as subsets of the general complex CMOS gate topology.
These are the AND-OR-INVERT (AQI) gates and the OR-AND-INVERT (OAI) gates.

. The AOI gate, as its name suggests, enables the sum-of-products realization of a Boolean

function in one logic stage (Fig. 7.24). The pull-down net of the AOI gate consists of
parallel branches of series-connected nMOS driver transistors, The corresponding p- typ:
pull-up network can simply be found using the dual-graph concept.

-
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Figure 7.24. An AND-OR-INVERT (AOI) gate and the corresponding pull-down net.

The OAI gate, on the other hand, enables the product-of-sums realization of a
Boolean function in one logic stage (Fig. 7.25). The pull-down net of the OAI gate
consists of series branches of parallel-connected nMOS driver transistors, while the
corresponding p-type pull-up network can be found using the dual-graph concept.
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Figure 7.25. An OR-AND-INVERT (OAI) gate, and the corresponding pull-down net.




Preudo-nMOS Gates

. The large area requirements of complex CMOS gates present a problem in high-density
designs, since two complementary transistors, one nMOS and one pMOS, are needed for
every input. One possible approach to reduce the number of transistors is to use a single
PMOS transistor, with its gate terminal connected to ground, as the load device (Fig.
7.26). With this simple pull-up arrangement, the complex gate can be implemented with
much fewer transistors. The similarities of pseudo-nMOS gates to depletion-load nMOS
logic gates are obvious.

The most significant disadvantage of using a pseudo-nMOS gate instead of a full-
CMOS gate is the nonzero static power dissipation, since the always-on pMOS load
device conduets a steady-state current when the output voltage is lower than V. Also,
the value of V,, and the noise margins are now determined by the ratio of the pMOS load
transconductance to the pull-down or driver transconductance:.
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Figure 7.26. The pseudo-nMOS implementation of the QAT gate in Fig. 7.25.

Example 7.2,

The simplified layout of a CMOS complex logic circuit is given below. Draw the
. cotresponding circuit diagram, and find an equivalent CMOS inverter circuit for
simultaneous switching of all inputs, assuming that {WIL}F = 15 for all pMOS transistors
and (W/L), = 10 for all nMOS transistors.



VDD

GND

The circuit diagram can be found from the layout by inspection:

The Boolean function realized by this circuit is

Z=(D+E+A)B+C)



The equivalent (W/L) ratios of the nMOS network and the pMOS network are determined
by using the series-parallel equivalency rules discussed earlier in this chapter, as follows.
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CMOS Full-Adder Circuit

The one-bit full adder circuit is one of the most widely used building blocks in all data
processing (arithmetic) and digital signal processing architectures. In the following, we
will examine the circuit structure and the realization of the full adder using the
conventional CMOS design style.

The sum_out and carry_out signals of the full adder are defined as the following two
| combinational Boolean functions of the three input variables, A, B, and C.

sum_out =ABBEPC
=ABC+ABC+ABC+ACB
carry_out = AB+ AC 4+ BC

A gate-level realization of these two functions is shown in Fig. 7.27. Note that instead of
realizing the two functions independently, we use the carry_outsignal to generate the sum
output. This implementation will ultimately reduce the circuit complexity and, hence,
save chip area. Also, we identify two separate sub-networks consisting of several gates
(highlighted with dashed boxes) which will be utilized for the transistor-level realization
of the full-adder circuit.
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Figure 7.27. Gate-level schematic of the one-bit full-adder circuit.

The transistor-level design of the CMOS full-adder circuit is shown in Fig. 7.28, |
MNote that the circuit contains a total of 14 nMOS and 14 pMOS transistors, together
with the two CMOS inverters which are used to generate the outputs.
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Figure 7.28. Transistor-level schematic of the one-bit full-adder circuit.

The mask layout of the full-adder circuit, which has been designed using the simple
layout optimization strategy described earlier in this section, is shown in Fig. 7.29.
Note, however, that all aMOS and pMOS transistors in this layout have the same (W/L)
ratio. In order to optimize the transient (time-domain) performance of the circuit, it is
usually necessary to adjust the transistor dimensions individually, as already shown in




Chapter 6. A performance-optimized and more compact mask layout of the same
CMOS full-adder circuit is shown in Fig. 7.30.
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Figure 7.30. Mask layout of the optimized CMOS full adder circuir.

The simulated input and output voltage waveforms of the one-bit CMOS full adder are
shown in Fig. 7.31. Please refer to the detailed design example that was presented in
Chapter | for further design information.
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Figure 7.31. Simulated input and output waveforms of the CMOS full-adder circuit.

The full-adder circuit presented here can be used as the basic building block of a
general n-bit binary adder, which accepts two n-bit binary numbers as input and produces
the binary sum at the output. The simplest such adder can be constructed by a cascade- " |
connection of full adders, where each adder stage performs a two-bit addition, produces
the corresponding sum bit, and passes the carry output on to the next stage. Hence, this
cascade-connected adder configuration is called the carry ripple adder (Fig. 7.32). The
overall speed of the carry ripple adder is obviously limited by the delay of the carry bits
rippling through the carry chain; therefore, a fast carry_out response becomes essential
for the overall performance of the adder chain.
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Figure 7.32. Block diagram of a carry ripple adder chain consisting of full adders.




7.5. CMOS Transmission Gates (Pass Gates)

' In this section, we will examine a simple switch circuit called the CMOS transmission
gate (TG) or pass gate, and present a new class of logic circuits which use the TGs as their
basic building blocks. As shown in Fig. 7.33, the CMOS transmission gate consists of one
WMOS and one pMOS transistor, connected in parallel. The gate voltages applied to these
two transistors are also set to be complementary signals. As such, the CMOS TG operates
as a bidirectional switch between the nodes A and B which is controlled by signal C.

If the control signal C is logic-high, i.e.,equal to Vi, then both transistors are turned
' on and provide a low-resistance current path between the nodes A and B. If, on the other
hand, the control signal C is low, then both transistors will be off, and the path between
' the nodes A and B will be an opencircuit. This condition is also called the high-impedance
state.

Note that the substrate terminal of the nMOS transistor is connected to ground and
the substrate terminal of the pMOS transistor is connected to V.. Thus, we must takeinto
account the substrate-bias effect for both transistors, depending on the bias conditions.
Figure 7.33 also shows three other commonly used symbolic representations of the
CMOS transmission gate.

For a detailed DC analysis of the CMOS transmission gate, we will consider the
following bias condition, shown in Fig. 7.34. The input node (A) is connected to a
constant logic-high voltage, V, =V, The control signalis also logic-high, thus ensuring
that both transistors are turned on. The output node (B) may be connected to a capacitor,
which represents capacitive loading of the subsequent logic stages driven by the
transmission gate. We will now investigate the input-output current-voltage relationship
- of the CMOS TG as a function of the output voltage V_..

Figure 7.33. Four different representations of the CMOS transmission gate (TG).

It can be seen from Fig. 7.34 that the drain-to-source and the gate-to-source voltages
of the nMOS transistor are




Vos.n = Voo = Vou
VGE,II -— Vm e va {.jnq'j}

Thus, the nMOS transistor will be turned off for V> V;,;,— V. and will operate in the |

saturation mode for V., < V= Vi | The Ve and § Vg voltages of the pMOS transistor
are

Vos,p = Vou — Voo

7.46
Vas.» == Vpp (7.46)

Consequently, the pMOS transistor is in saturation for V_ < |V |, and it operates in the
linear region for V_, > |Vy. |. Note that, unlike the nMOS tr transistur, the pMOS transistor
remains turned on, rcgardr ess of the output voltage level V

This analysis has shown that we can identify three up:mﬁng regions for the CMOS
transmission gate, depending on the output voltage level. These operating regions are
depicted in Fig. 7.34 as functions of V_,. The total current flowing through the
transmission gate is the sum of the nMOS drain current and the pMOS drain current.

Ip=Ipsn+isp, (7.47)
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|
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Figure 7.34. Bias conditions and operating regions of the CMOS transmission gate, shown as
functions of the output voltage.
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At this po1nt we may devise an equivalent resistance for each transistor in this structure,
. as follows

VDD - VE!’!
n IDS,n :
Voo =Vou (7.48)
P ISD,p

~ The total equivalent resistance of the CMOS TG will then be the parallel equivalent of
these two resistances, R . and R Now, we will calculate the equivalent resistance
» ;values for the three operating reg1ons of the transmission gate. .

Region 1
“Here, the output voltage is smaller than the absolute value of the pMOS transistor

* threshold voltage, ie., V,, < |V, | According to Fig. 7.34, both transistors are in
saturation. We obtain the equ1valent resistance of both devices as

2 (VDD Vout )

R =

e kn (VDD Vout VT, n )2 (7 49)
R - 2 (VDD Vout -
€q,p !
b (Voo =V ) (79

- Note that the source-to-substrate voltage of the nMOS transistor is equal to the output

. voltage V ,, while the source-to-substrate voltage of the pMOS transistor is equal to zero.
Thus, we have to take intoaccount the substrate bias effect for the nMOS transistor in our
calculat1ons

. Region 2

In this region, Vo | <V,.<(Vpp—V;,). Thus, the pMOS transistor now operates in the
linear region, wh1le the nMOS trans1stor continues to operate in saturation.

2 (VDD Vout )
eq,n

Regn™ 2 7.51
: kn (VDD Vout VT,n) ( )
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z{vﬂﬂ"vaﬁr}
ko | 2{Voo = Vi, o) (Voo = Ve )= (Voo = Vs }3]
- 2 (7.52}
k|2 Voo = |V, )~ (Voo - FM]]

Region 3
Here, the output voltage is V> (V,, = Vi ). Consequently, the nMOS transistor will

be turned off, which results in an open-circuit equivalent. The pMOS transistor will
continue to operate in the linear region.

= Z -
"k [2Voo Vi) (Voo -Vou)| (7.53)

Reg

Combining the equivalent resistance values found for the three operating regions, we can
now plot the total resistance of the CMOS transmission gate as a function of the output
voltage V. as shown in Fig. 7.35.

Reu.p Hﬂq.n

Regn ” Ragp

* Vou
0 (Vpp-V1n) VDD

Figure 7.35. Equivalent resistance of the CMOS transmission gate, plotted as a function of the
output voltage,
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It can be seen that the total equivalent resistance of the TG remains relatively
constant, i.e.,its value is almost independent of the output voltage, whereas the individual

i equivalent resistances of both the nMOS and the pMOS transistors are strongly depen-
. denton V_ . This property of the CMOS TG is naturally quite desirable. A CMOS pass
!_ gate which is turned on by a logic-high control signal can be replaced by its simple
| equivalent resistance for dynamic analysis, as shown in Fig. 7.36.

A % F=AS+BS
-

LT
e

Figure 7.37. Two-input multiplexor circuit implemented using two CMOS TGs.



The implementation of CMOS transmission gates in logic circuit design usually
results in compact circuit structures which may even require a smaller number of
transistors than their standard CMOS counterparts. Note that the control signal and its
complement must be available simultaneously for TG applications. Figure 7.37 shows a
two-input multiplexor circuit consisting of two CMOS transmission gates. The operation
of the multiplexor can be understood quite easily: If the control input S is logic-high, then
the bottom TG will conduct, and the output will be equal to the input B. If the control
signal is low, the bottom TG will turn off and the top TG will connect the input A to the
output node.

Figure 7.38 shows an eight-transistor implementation of the logic XOR function,
using two CMOS TGs and two CMOS inverters. The same function can also be
implemented using only six transistors, as shown in Fig, 7.39,

F=AB +AB

Figure 7.38. Eight-transistor CMOS TG implementation of the XOR functhion.

—L

B Dc
Figure 7.39. Six-transistor CMOS TG implementation of the XOR function.

Using the generalized multiplexor approach, each Boolean function can be realized
with a TG logic circuit. As an example, Figure 7.40(a) shows the TG logic implementa-
tion of a three-variable Boolean function. Note that the three input variables and their
inverses must be used to control the CMOS transmission gates. Including the three
inverters not shown here, the TG implementation requires a total of 14 transistors. An
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important pointin TG logic design is that aconducting TG network (low-impedance path)
should always be provided between the output node and one of the inputs, for all possible
input combinations. This is to make sure that the output node with its capacitive load is
never left in a high-impedance state,

F=AB+AT+ABC
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Figure 7.40. (a) CMOS TG realization of a three-variable Boolean function, (b) All pMOS
transistors can be placed into one n-well to save area.



If each CMOS transmission gate in TG logic circuits is realized with a full tMOS-pMOS
pair, the disjoint n-well structures of the pMOS transistors and the diffusion contacts may
cause a significant overall area increase. In an attempt to reduce the silicon area occupied
by TG circuits, the transmission gates can be laid out as separated nMOS-pMOS pairs
with all pMOS transistors placed in one single n-well, as shown in Fig. 7.40{b). However,
the routing area required for connecting the p-type diffusion regions to input signals must
be carefully considered. The layout of the TG circuit is given in Fig. 7.41.

Figure 7.41. Mask layout of the CMOS TG circuit shown in Fig. 7.40,

Complementary Pass-Transistor Logic (CPL)

The complexity of full-CMOS pass-gate logic circuits can be reduced dramatically by
adopting another circuit concept, called Complementary Pass-transistor Logic (CPL).
The main idea behind CPL is to use a purely nMOS pass-transistor network for the logic
operations, instead of a CMOS TG network. All inputs are applied in complementary
form, i.e., every input signal and its inverse must be provided; the circuit also produces
complementary outputs, to be used by subsequent CPL stages. Thus, the CPL circuit
essentially consists of complementary inputs, an nMOS pass transistor logic network to
generate complementary outputs, and CMOS output inverters to restore the output
signals. The circuit diagrams of a CPL. NOR2 and a CPL NAND?2 are shown inFig. 7.42.
The elimination of pMOS transistors from the pass-gate network significantly
reduces the parasitic capacitances associated with each node in the circuit, thus, the
operation speed is typically higher compared to a full-CMOS counterpart. But the
" improvement in transient characteristics comes at a price of increased process complex-
ity. In CPL circuits, the threshold voltages of the nMOS transistors in the pass-gate
network must be reduced to about 0 V through threshold-adjustment implants, in order




 toeliminate the threshold-voltage drop. This, on the other hand, reduces the overall noise
. immunity and makes the transistors more susceptible to subthreshold conduction in the

off-mode. Also note that the CPL design style is highly modular, a widerange of functions
can be realized by using the same basic pass-transistor structures.
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Figure 7.42. Circuit diagram of (a) CPL NAND2 gate and (b) CPL NOR2 gate.

Regarding the transistor count, CPL circuits do not always offer a marked advantage
over conventional CMOS. The NAND2 and NOR2 circuits shown in Fig. 7.42 each
consist of 8 transistors. XOR and XNOR functions realized with CPL have a similar
complexity (i.e., transistor count) as conventional CMOS realizations. The same obser-
vation is true for the realization of full adders with CPL. The circuit diagram of a CPL-
based XOR gate is shown in Fig. 7.43. Here, the cross-coupled pMOS pull-up transistors
are used to speed up the output response. Transistor widths are given in A-units. Figure
7.44 shows the circuitdiagram of a CPL full-adder circuit consisting of 32 transistors. The
mask layout of this CPL circuit is given in Fig. 7.45.

Figure 7.43. Circuit diagram of a CPL-based XOR gate.
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Figure 7.45. Mask layout of the CPL full adder shown in Fig. 7.44.



UNIT III - SEQUENTIQL MOS LOGIC CIRCUITS

Behavior of Bistable Elements

The basic bistable element to be examined in this section consists of two identical cross-
coupled inverter circuits, as shown in Fig. 8.2(a). Here, the output voltage of inverter (1)

is equal to the input voltage of inverter (2}, i.e., v, = v ,, and the output voltage of inverter

(2) is equal to the input voltage of inverter (1), i.e., v, = v,,. In order to investigate the
static input-output behavior of both inverters, we start by plotting the voltage transfer
characteristic of inverter (1) with respect tothe v, - v, axis pair. Notice that the input and
output voltages of inverter (2) correspond to the output and input voltages of inverter (1),
respectively. Consequently, we can also plot the voltage transfer characteristic of inverter
(2) using the same axis pair, as shown in Fig. 8.2{b).

(b)

g
<
]
[=]
=
§

Energy

(c)

Bistable Behavior \
b i

Figure 8.2. Static behavior of the two-inverter basic bistable element: (a) Circuit schematic.
(b} Intersecting voltage transfer curves of the two inverters, showing the three possible operating
points. {c) Qualitative view of the potential energy levels corresponding to the three operating
points.,

It can be seen that the two voltage transfer characteristics intersect at three points.
Simple reasoning can help us to conclude that two of these operating points are stable,
as indicated in Fig. 8.2(b). If the circuit is initially operating at one of these two stable
points, it will preserve this state unless itis forced externally to change its operating point.
Note that the gain of each inverter circuit, i.e., the slope of the respective voltage transfer
curves, is smaller than unity at the two stable operating points. Thus, in order to change
the state by moving the operating point from one stable point to the other, a sufficiently
large external voltage perturbation must be applied so that the voltage gain of the inverter
loop becomes larger than unity.

e i




On the other hand, the voltage gains of both inverters are larger than unity at the third
operating point. Consequently, even if the circuit is biased at this point initially, a small
voltage perturbation at the input of any of the inverters will be amplified, causing the
operating point to move to one of the stable operating points. This leads to the conclusion
that the third operating point is unstable. The circuit has two stable operating points,
hence, it is called bistable.

The bistable behavior of the cross-coupled inverter circuit can also be visualized
qualitatively by examining the total potential energy level at each of the three possible
operating points (Fig. 8.2(c)). It is seen that the potential energy is at its minimum at two
of the three operating points, since the voltage gains of both inverters are equal to zero.
By contrast, the energy attains a maximum at the operating point at which the voltage
gains of both inverters are maximum. Thus, the circuit has two stable operating points

corresponding to the two energy minima, and one unstable operating point corresponding
to the potential energy maximum,

Voo Voo "
Vou
Va1
— :
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1"152 vth
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Figure 8.3.  (a) Circuit diagram of a CMOS bistable element. (b) One possibility for the
expected time-domain behavior of the output voltages, if the circuit is initially set at its unstable
operating point.

Figure 8.3(a) shows the circuit diagram of a CMOS two-inverter bistable element.
Mote that at the unstable operating point of this circuit, all four transistors are in
safuration, resulting in maximum loop gain for the circuit. If the initial operating
condition is set at this point, any small voltage perturbation will cause significant changes
in the operating modes of the transistors. Thus, we expect the output voltages of the two
inverters to diverge and eventually settle at V., and V,, . respectively, as illustrated in
Fig. 8.3(b). The direction in which each output voltage diverges is determined by the
initial perturbation polarity. In the following, we will examine this event more closely
using a small-signal analysis approach.

Consider the bistable circuit shown in Fig. 8.4, which is initially operating at v ; =
v,; = V. L.e., at the unstable operating point. For our analysis, we will assume that the
input (gate) capacitance C_ of each inverter is much larger than its output (drain)

capacitance C, i.e., C.‘E >> Cy



Figure 8.4.  Small-signal input and outpul currents of the inverters.

The small-signal drain current supplied by each inverter (1 and 2) can be expressed, in
terms of the small-signal gate voltage of that inverter, as follows. Note that the drain
current of each inverter is also equal to the gate current of the other inverter.

Ig1 =2 =8 Vy2
(8.1)

by =gy =8m ¥g1

Here, g represents the small-signal transconductance of the inverter. The gate voltages
of both inverters can be expressed in terms of the gate charges, ¢, and g,.

v

el Ve

=4 =4z
cs Ci [8.2]

Note that the small-signal gate current of each inverter can be written as a function of the
time derivative of its small-signal gate voltage, as follows.

dv (8.3)
=G

Combining (8.1) with (8.3), we obtain:

d'v.l
dr
den
dt

Em vg! = Cg EE~4}

Em v,g!. =Cg (85)




- Expressing the gate voltages in terms of the gate charges, these two differential equations
- can also be written as

Em .99
c, (8.6)
8n _dg;
E:'*ﬁ- 3 (8.7)

Both differential equations given in (8.6) and (8.7) can now be combined to yield a
- second-order differential equation describing the time behavior of gate charge g,.

2
8n, . Cr dgy d’q (8
C#fﬂ gmgr:? s C, | (8.8)

This equation can also be expressed in a more simplified form by using 7, the transit time
constant.

dg, 1 ; C,
—d:—zi"=¥f?1 with Ty =;:‘ (8.9)

The time-domain solution of (8.9) for g, yields

q][I]=qliﬂ:|_;ﬂ 4 (0) g'fi , @(0) +;‘u 4, (0) ;f_ln (8.10)

~ where the initial condition is given as:
,(0) =Cs'”sl'|:ﬂl (8.11})

Note that Vo1 = V2 and v_, = v,. Replacing the gate charge of both inverters with the
. corresponding output-voltage variables, we obtain,

I I

Voz (1) =';-(vﬂz{ﬂ} -1, v,,;'{ﬂ}) e ™+ -;—(v,,,2 (0)+ 1, vﬂz'{D]) A (8.12)

var ()= é—[vm (0)- 75 vs1 (0)) e ® +51(v,, (0)+ 1, vﬂ’[u}); o (8.13)



For large values of 1, the time-domain expressions (8.12) and (8.13) can be simplified as
follows.

”&1{1}!"%{“91 (l}}+ T vall{u'})e. r_u

{ ok (8.14)
voz[r}=3(v03{l}]+ru Vos {l]}) e ™

Note that the magnitude of both output voltages increases exponentially with time.
Depending on the polarity of the initial small perturbations dv,,(0) and dv,,(0), the output
voltages of both inverters will diverge from their initial value of V, to either Voror Vo
In fact, the polarity ofthe output-voltage perturbation dv,, mustalways be opposite to that
of dv_,. because of the charge-conservation principle. Hence, the two output voltages
always diverge into opposite directions, as expected.

Vair Vg —* Vo or Vg,

(B.15)
V3t Vin = Vo or Vou

\ {unstable)

Vou O—= Vo4
Voo Vin Von

Figure 8.5.  Phase-plane representation of the bistable circuit behavior.

The phase-plane representation of this event, illustrated in Fig. 8.5, shows that the
operating point {v,, = V,,, v, =V, } is unstable. The two operating points (v, = V. v,
=Vyutand (v, =V .. v =V, )can be shown to be stable, using small-signal models
at the corresponding operating points.

In addition to the time-domain analysis presented here, an interesting observation
can be made for the two-inverter bistable element: While the bistable circuit is settling
from its unstable operating point into one of its stable operating points, we can envision
a signal traveling the loop consisting of the two cascaded inverters several times (Fig.

O .



8.6). The time-domain behavior of the output voltage v, during this period is approxi-
mated as follows:

valt) _ *%
0 340

If during a time interval T, the signal travels the loop n times, then this is equivalent
to the same signal propagating along a cascaded inverter chain consisting of 2n inverters.
Expressing the loop gain (combined voltage pain of two cascaded invérters) with A, we
obtain,

(>0
k Lonm
<
Loop 1 Loop 2 Loopn

Al A2 AN

Figure 8.6. Propagation of a transient signal in the two-inverter loop during settling.
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AMze ® (8.17)

This expression describes the time-domain behavior of the diverging process until it
reaches stable points, as depicted in Fig. 8.6.

The SR Latch Circuit

The bistable element consisting of two cross-coupled inverters (Fig. 8.2) has two stable
operating modes, or states. The circuit preserves its state (either one of the two possible
modes) as long as the power supply voltage is provided; hence, the circuit can perform
a simple memory function of holding its state. However, the simple two-inverter circuit
examined above has no provision for allowing its state to be changed externally from one
stable operating mode to the other. To allow such a change of state, we must add simple
switches to the bistable element, which can be used to force or trigger the circuit from one
operating point to the other. Figure 8.7 shows the circuit structure of the simple CMOS
SR latch, which has two such triggering inputs, S (set) and R (reset). In the literature, the
SR latch is also called an SR flip-flop, since two stable states can be switched back and
forth. The circuit consists of two CMOS NOR2 gates. One of the input terminals of each
NOR gate is used to cross-couple to the output of the other NOR gate, while the second
input enables triggering of the circuit.

Voo Voo
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Figure 8.7. CMOS SR latch circult based on NOR2 gates.

The SR latch circuit has two complementary outputs, Q and Q. By definition, the
latch is said to be in its set state when Q is equal to logic "1 and Q is equal to logic 0
Conversely, the latch is in its reset state when the output Q is equal to logic "0" and Q is
equal to "1." The gate-level schematic of the SR latch consisting of two NOR2 gates, and
the corresponding block diagram representation are shown in Fig. 8.8. It can easily be
seen that when both input signals are equal to logic "0," the SR latch will operate exactly

'L




like the simple cross-coupled bistable element examined earlier, i.e., it will preserve
(hold) either one of its two stable operating points (states) as determined by the previous
inputs.

If the set input (S) is equal to logic 1" and the reset input is equal to logic "0," then
the output node Q will be forced to logic "17 while the output node Q is forced to logic
"0." This means that the SR latch will be ser, regardless of its previous state.

NOR-based
SR Latch

Figure 8.8. Gate-level schematic and block diagram of the NOR-based SR latch.

Similarly, if § is equal to "0" and R is equal to "1, then the output node Q will be forced
to "0" while Q is forced to "1." Thus, with this input combination, the latch is reset,
regardless of its previously held state. Finally, consider the case in which both of the
inputs S and R are equal to logic "1.” In this case, both output nodes will be forced to logic
"0," which conflicts with the complementarity of Q and Q. Therefore, this input
combination is not permitied during normal operation and is considered to be a not-
allowed condition. The truth table of the NOR-based SR latch is summarized in the
following:

S R| Qw1 Qun | Operation
0 0|l Q @ | hod

1 o] 1 0 sel

0 1| 0 1 reset

1 1] 0 0 | notallowed

Table 8.1. Truth table of the NOR-based SR latch circuit

The operation of the CMOS SR latch circuit shown in Fig. 8.7 can be examined in
more detail by considering the operating modes of the four nMOS transistors, M1, M2,
M3, and M4. If the set input (S) is equal to V,,, and the reset input (R) is equal to V,,,
both of the parallel-connected transistors M1 and M2 will be on. Consequently, the
voltage on node Q will assume a logic-low level of V,,, =0. At the same time, both M3

iy
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and M4 are turned off, which results in a logic-high voltage Voy at node Q. If the reset
input (R) is equal to V', and the set input (S) is equal to Vop» the situation will bereversed
(M1 and M2 turned off and M3 and M4 turned on).

When both of the input voltages are equal to Vo On the other hand, there are two
possibilities. Depending on the previous state of the SR latch, either M2 or M3 will be
on, while both of the trigger transistors M 1 and M4 are off. This will generate a logic-low
level of V,, =0atone of the output nodes, while the complementary output node is at Vou
The static operation modes and voltage levels of the NOR-based CMOS SR latch circuit
are summarized in the following table. For simplicity, the operating modes of the
complementary pMOS transistors are not explicitly listed here. :

§ R |G Qun Operation
Vou Vo | Vow Voo | Mland M2 on, M3 and M4 off
Voo Vow | Voo Voy | Ml and M2 off, M3 and M4 on
Voo Voo | Vosr Voo M1 and M4 off, M2 on, or
Vor Voo | Voo Vou MI and M4 off, M3 on

Table 8.2. Operation modes of the transistors in the NOR-based CMOS SR latch circuit.

For the transient analysis of the SR latch circuit, we have to consider an event which :
results in a state change, i.e., either an initially reset latch being set by applying a ser
signal, or an initially set latch being reset by applying the reser signal. In either case, we
note that both of the output nodes undergo simultaneous voltage transitions. While one
outputis rising from its logic-low level to logic-high, the other output node is falling from
its initial logic-high level to logic-low. Thus, an interesting problem is to estimate the
amount of time required for the simultaneous switching of the two output nodes. The
exact solution of this problem obviously requires the simultaneous solution of two
coupled differential equations, one each for each output node. The problem can, however,
be simplified considerably if we assume that the two events described above take place
in sequence rather than simultaneously. This assumption causes an overestimation of the
switching time.

To calculate the switching times for both output nodes, we first have to find the total
parasitic capacitance associated with each node. Simple inspection of the circuit shows
that the total lumped capacitance at each output node can be approximated as follows:

Co=Cab2+Coos +Can3 +Ciip, s + Cay 7+ Cop 7+ Cang
Co=Cop3+Cop 1 +Cpy + Cap 2 +Cp 5+ Cpp 5+ Cy g (8.18)

The circuit diagram of the SR latch is shown in Fig. 8.9 together with the lumped load
capacitances at the nodes Q and Q. Assuming that the latch is initially reset and that
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. Figure 89,  Circuit diagram of the CMOS SR latch showing the lumped load capacitances at
"both output nodes.

asetoperation is being performed by applying S="1"and R ="0," the rise time associated
with node Q) can now be estimated as follows.

Trise,0 (SR~ latch)= T, o (NOR2) + 7, 5 (NOR2) (8.19)

Note that the calculation of the switching time T, , requires two separate calculations
for the rise and fall times of the NOR2 gates. It is obvious that by considering the two
events separately, i.e., first, one of the output node voltages (Q ) falling from high to low
due to turn-on of M1, followed by the other node voltage (QQ) rising from low to high due

to turn-off of M3, we are bound to overestimate the actual switching time for the SR latch.
. Both M2 and M4 can be assumed to be off in this process, although M2 can be turned on
as () rises, thus actually shortening the () node fall time. This approach, however, yields
- asimpler first-order prediction for the timedelay, as opposed to the simultaneous solution
of two coupled differential equations.

The NOR-based SE latch can also be implemented by using two cross-coupled
depletion-load nMOS NOR2 gates, as shown in Fig. 8.10. From the logic point of view,
the operation principle of the depletion-load nMOS NOR-based SR latch is identical to
that of the CMOS SR latch., In terms of power dissipation and noise margins, however,
. the CMOS circuit implementation offers a better alternative, since both of the CMOS
NOR2 gates dissipate virtually no static power for preserving a state, and since the output
voltages can exhibit a full swing between 0 and V.

Now consider a different approach for building the basic SR latch circuit. Instead of
using two NORZ2 gates, we can use two NANDZ gates, as shown in Fig. 8.11. Here, one
| input of each NAND gate is used to cross-couple to the output of the other NAND gate,
while the second input enables external triggering.
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Figure 8.11. CMOS SR latch circuit based on NAND2 gates.

A close inspection of the NAND-based SR latch circuit reveals that in order to hold
(preserve) a state, both of the external trigger inputs must be equal to logic "1.” The
operating point or the state of the circuit can be changed only by pulling the ser input to _
logic zero or by pulling the reser input to zero. We can observe that if S is equal to *0"
and R is equal to "1," the output Q attains a logic "1" value and the complementary output
Q becomes logic "0." Thus, in order to set the NAND SR latch, a logic "0" must be applied
to the ser (5) input. Similarly, in order to reset the latch, a logic "0" must be applied to
the reset (R) input. The conclusion is that the NAND-based SR latch responds to acrive
* low input signals, as opposed to the NOR-based SR latch, which responds to active high
inputs. Note that if both input signals are equal to logic "0," both output nodes assume a
logic-high level, which is not allowed because it violates the complementarity of the two
outputs.




The gate-level schematic and the corresponding block diagram representation of the
NAND-based SR latch circuit are shown in Fig. 8.12. The small circles at the S and R
- input terminals indicate that the circuit responds to active low input signals. The truth
. table of the NAND SR latch is also shown in the following. The same approach used in
the timing analysis of NOR-based SR latches can be applied to NAND-based SR latches.

The NAND-based SR latch can also be implemented by using two cross-coupled
depletion-load NAND?2 gates, as shown in Fig. 8.13. While the operation principle is
identical to that of the CMOS NAND SR latch (Fig. 8.11) from the logic point of view,
the CMOS circuit implementation again offers a better alternative in terms of static power
dissipation and noise margins.
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. Figure 8.12. Gate-level schematic and block diagram of the NAND-based SR latch.
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Figure 8.13. Depletion-load nMOS NAND-based SR latch circuit.



Clocked Latch and Flip-Flop Circuits

Clocked SR Latch

Allof the SR latch circuits examined in the previous section are essentially asynchronous
sequential circuits, which will respond to the changes occurring in input signals at a
circuit-delay-dependent time point during their operation. To facilitate synchronous
operation, the circuit response can be controlled simply by adding a gating clock signal
to the circuit, so that the outputs will respond to the input levels only during the active
period of a clock pulse. For simple reference, the clock pulse will be assumed to be a
periodic square waveform, which is applied simultaneously to all clocked logic gates in
the system.

5§ —

]
CK

Q
A

Figure 8.14. Gate-level schematic of the clocked NOR-based SR latch.

The gate-level schematic of a clocked MOR-based SR latch is shown inFig. 8.14. It
can be seen that if the clock (CK) is equal to logic "0," the input signals have no influence
upon the circuit response. The outputs of the two AND gates will remain at logic "0,"
which forces the SR latch to hold its current state regardless of the S and R input signals,
When the clock input goes to logic "1," the logic levels applied to the 5 and R inputs are
permitted to reach the SR latch, and possibly change its state. Note that as in the non-
clocked SR latch, the input combination S=R ="1"is not allowed in the clocked SR latch.
With both inputs S and R at logic "1," the occurrence of a clock pulse causes both outputs
to go momentarily to zero. When the clock pulse is removed, i.e., when it becomes “0,"
the state of the latch is indeterminate. It can eventually settle into either state, depending
on slight delay differences between the output signals,

To illustrate the operation of the clocked SR latch, a sample sequence of CK, 5, and
R waveforms, and the corresponding output waveform Qare showninFig. 8.15. Note that
the circuit is strictly level-sensitive during active clock phases, i.e., any changes occurring
in the 5 and R input voltages when the CK level is equal to "1" will be reflected onto the
circuit outputs. Consequently, even a narrow spike or glitch occurring during an active
clock phase can set or reset the latch, if the loop delay is shorter than the pulse width.

Figure 8.16 shows a CMOS implementation of the clocked NOR-based SR latch
circuit, using two simple AOI gates. Notice that the ADI-based implementation of the
circuit results in a very small transistor count, compared with the alternative circuit
realization consisting of two AND2 and two NOR2 gates,

ol




..Fl‘;ltrc &.15. Sample input and output waveforms illustrating the operation of the clocked NOR-
based SR latch circuit.
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Figure 8.16. AQI-based implementation of the clocked NOR-based SR latch circuit.

The NAND-based SR latch can also be implemented with gating clock input, as
shown in Fig. 8.17. It must be noted, howewver, that both input signals S and R as well as
the clock signal CK are active low in this case. This means that changes in the input signal
levels will be ignored when the clock is equal to logic "1," and that inputs will influence
the outputs only when the clock is active, i.e., CK = "0." For the circuit implementation
of this clocked NAND-based SR latch, we can use a simple OAI structure, which is
essentially analogous to the AOI-based realization of the clocked NOR. SR latch circuit.
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Figure 817, Gate-level schematic of the clocked NAND-based SR latch circuit, with active low
inputs.

A different implementation of the clocked NAND-based SR latch is shown in Fig.
8.18. Here, both input signals and the CK signal are active high, i.e., the latch output Q
will be set when CK = "1," §="1," and R = "0." Similarly, the latch will be reset when |
CK="1,"5="0,"and R = "1." The latch preserves its state as long as the clock signal
is inactive,i.e., when CK ="0." The drawback of this implementation is that the transistor
count is higher than the active [ow version shown in Fig. 8.17.

B —i

CK

D:)—
} a

(a)

:,,; _[D:—c s “g:” Q
il 2 |
(b)

Figure 8.18. (a) Gate-level schematic of the clocked NAND-based SR latch circuit, with active
high inputs. (b) Partial block diagram representation of the same circuit.
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 Clocked JK Latch

Al simple and clocked SR latch circuits examined to this point suffer from the common
. problem of having a not-allowed input combination, i.e., their state becomes indetermi-
" nate when both inputs § and R are activated at the same time. This problem can be
- overcome by adding two feedback lines from the outputs to the inputs, as shown in Fig.
. 8.19. The resulting circuit is called a JK latch. Figure 8.19 shows an all-NAND
- implementation of the JK latch with active high inputs, and the corresponding block
_diagram representation. The JK latch is commonly called a JK flip-flop.
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Figure 8.19. Gate-level schematic of the clocked NAND-based JK latch circuit,
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Figure 8.20. All-NAND implementation of the clocked JK latch circuit,

The J and K inputs in this circuit correspond to the set and reset inputs of the basic
SR latch, When the clock is active, the latch can be set with the input combination (J =
~"1," K ="0"), and it can be reset with the input combination (J = "0," K = "1"). If both
' inputs areequal to logic "0," the latch preserves its current state. If, on the other hand, both
. inputs are equal to "1" during the active clock phase, the latch simply switches its state
due to feedback. In other words, the JK latch does not have a not-allowed input
combination. As in the other clocked latch circuits, the JK latch will hold its current state
when the clock is inactive (CK = "0"). The operation of the clocked JK latch is
summarized in the truth table (Table 8.3).



Figure 8.21 shows an alternative, NOR-based implementation of the clocked JK
latch, and CMOS realization of this circuit. Note that the AOI-based circuit structure
results in a relatively low transistor count, and consequently, a more compact circuit
compared to the all-NAND realization shown in Fig. 8.20.

J K|Q, 0,|85 R|Q,. 0O, |Operation
0O 00 141 1| O 1 hald
1 0|1 1|1 o0

e
1 0|1 0] O 1

e e T
1 0|1 1] 1 0

Table 8.3.  Detailed truth table of the JK latch circuit.

While there is no not-allowed input combination for the JK latch, there is still a
potential problem. If both inputs are equal tologic " 1" during the active phase of the clock
pulse, the output of the circuit will oscillate (toggle) continuously until either the clock
becomes inactive (goes to zero), or one of the input signals goes to zero, To prevent this
undesirable timing problem, the clock pulse width must be made smaller than the
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Figure 8.21. (a) Gate-level schematic of the clocked NOR-based JK latch circuit.
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Figure 8.21. (continued)  (b) CMOS AOI realization of the JK latch.

input-to-output propagation delay of the JK latch circuit. This restriction dictates that the
clock signal must golow before the output level has an opportunity to switch again, which
prevents uncontrelled oscillation of the output. However, note that this clock constraint
is difficult to implement for most practical applications.

Assuming that the clock timing constraint described above is satisfied, the output of
the JK latch will toggle (change its state) only once for each clock pulse, if both inputs
are equal to logic "1" (Fig, 8.22). A circuit which is operated exclusively in this mode is
called a roggle swirch.
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Figure 8.22. Operation of the JK latch as a toggle switch.

Master-Slave Flip-Flop

Most of the timing limitations encountered in the previously examined clocked latch
circuits can be prevented by using two latch stages in a cascaded configuration. The key



operation principle is that the two cascaded stages are activated with opposite clock
phases. This configuration is called the master-slave flip-flop. Our definition of flip-flop

is designed to distinguish it from latches discussed previously, although they are mostly
used interchangeably in the literature,
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Figure 8.23. Master-slave flip-flop consisting of NAND-based JK latches.

The input latch in Fig. 8.23, called the "master," is activated when the clock pulse is
high. During this phase, the inputs J and K allow data to be entered into the flip-flop, and
the first-stage outputs are set according to the primary inputs. When the clock pulse goes
to zero, the master latch becomes inactive and the second-stage latch, called the "slave,"
becomes active. The output levels of the flip-flop circuit are determined during this
second phase, based on the master-stage outputs set in the previous phase.

Since the master and the slave stages are effectively decoupled from each other with
the opposite clocking scheme, the circuit is never transparent, i.e., a change occurring in
the primary inputs is never reflected directly to the outputs. This very important property
clearly separates the master-slave flip-flop from all of the latch circuits examined earlier
in this section. Figure 8.24 shows a sample set of input and output waveforms associated
with the JK master-slave flip-flop, which can help the reader to study the basic operation
principles. -

Because the master and the slave stages are decoupled from each other, the circuit
allows for toggling when J = K = "1," but it eliminates the possibility of uncontrolled
oscillations since only one stage is active at any given time. A NOR-based alternative
realization for the master-slave flip-flop circuit is shown in Fig. 8.25.

Figure 8.24 also shows that the master-slave flip-flop circuit examined here has the
potential problem of "one's catching.” When the clock pulse is high, a narrow spike or
glitch in one of the inputs, for instance a glitch in the J line (or K line), may set {or reset)
the master latch and thus cause an unwanted state transition, which will then be
propagated into the slave stage during the following phase. This problem can be
eliminated to a large extent by building an edge-triggered master-slave flip-flop, which
will be examined in the following section.
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Figure 8.24. Sample input and output waveforms of the master-slave flip-flop circuil.
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Figure 8.25. NOR-based realization of the JK master-slave flip-flop.



CMOS D-Latch and Edge-Triggered Flip-Flop

With the widespread use of CMOS circuit techniques in digital integrated circuit design,
a large selection of CMOS-based sequential circuits have also gained popularity and
prominence, especially in VL51 design. Throughout this chapter, we have seen examples
showing that virtually all of the latch and flip-flop circuits can be implemented with
CMOS gates, and that their design is quite straightforward. However, direct CMOS
implementations of conventional circuits such as the clocked JK latch or the JK master-
slave flip-flop tend to require a large number of transistors.

Inthis section, we will see that specific versions of sequential circuits built primarily
with CMOS transmission gates are generally simpler and require fewer transistors than
the circuits designed with conventional structuring. As an introduction to the issue, letus
first consider the simple D-latch circuit shown in Fig. 8.26. The gate-level representation
of the D-latch is simply obtained by modifying the clocked NOR-based SR latch circuit.
Here, the circuit has a single input D, which is directly connected to the S input of the
latch. The input variable D is also inverted and connected to the R input of the latch. It
can be seen from the gate-level schematic that the output Q assumes the value of the input
D when the clock is active, i.e., for CK = "1." When the clock signal goes to zero, the
output will simply preserve its state. Thus, the CK input acts as an enable signal which
allows data to be accepted into the D-latch.
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Figure 8.26. Gate-level schematic and the block diagram view of the D-latch.
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The D-latch finds many applications in digital circuit design, primarily for tempo-
rary storage of data or as a delay element. In the following, we will examine its simple
CMOS implementation. Consider the circuit diagram given in Fig. 8.27, which shows a
basic two-inverter loop and two CMOS transmission gate (TG) switches.

The TG at the input is activated by the CK signal, whereas the TG in the inverter loop
is activated by the inverse of the CK signal, CK. Thus, the input signal is accepted
{latched) into the circuit when the clock is high, and this information is preserved as the
state of the inverter loop when the clock is low. The operation of the CMOS D-latch
circuit can be better visualized by replacing the CMOS transmission gates with simple
switches, as shown in Fig. 8.28. A timing diagram accompanying this figure shows the
time intervals during which the input and the output signals should be valid (unshaded).
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Figure 8.27. CMOS implementation of the D-latch (version 1.

Note that the valid D input must be stable for a short time before (setup time, 1,,,,.)
and after (hold time, t, , ) the negative clock transition, during which the input switch

- opens and the loop switch closes. Once the inverter loop is completed by closing the loop
. switch, the output will preserve its valid level. In the D-latch design, the requirements for
. setup time and hold time should be met carefully. Any violation of such specifications can
. cause metastability problems which lead to seemingly chaotic transient behavior, and can
- result in an unpredictable state after the transitional period.

The D-latch shown in Fig. 8.27 is not an edge-triggered storage element because the
output changes according to the input, i.e., the latch is transparent, while the clock is high.
The transparency property makes the application of this D-latch unsuitable for counters

. and some data storage implementations.

Figure 8.29 shows a different version of the CMOS D-latch. The circuit contains two
tristate inverters, driven by the clock signal and its inverse. Although the circuit appears
to be quite different from that shown in Fig. 8.27, the basic operation principle of the
circuit is the same as that shown in Fig. 8.28. The first tri-state inverter acts as the input

. switch, accepting the input signal when the clock is high. At this time, the second tristate

inverter is at its high-impedance state, and the output @ is following the input signal.
When the clock goes low, the input buffer becomes inactive, and the second tristate

. inverter completes the two-inverter loop, which preserves its state until the next clock
- pulse.

Finally, consider the two-stage master-slave flip-flop circuit shown in Fig. 8.30,

g which is constructed by simply cascading two D-latch circuits. The first stage {master)

isdriven by the clock signal, while the second stage (slave) is driven by the inverted clock

- signal. Thus, the master stage is positive level-sensitive, while the slave stage is negative

level-sensitive.
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Figure 8.28. Simplified schematic view and the corresponding timing diagram of the CMOS D-
latch circuit, showing the setup time and the hold time.

When the clock is high, the master stage follows the D input while the slave stage
holds the previous value. When the clock changes from logic "1" to logic "0," the master
latch ceases to sample the input and stores the D value at the time of the clock transition.
At the same time, the slave latch becomes transparent, passing the stored master value Q_
to the output of the slave stage, Q,. The input cannot affect the output because the master
stage is disconnected from the D input. When the clock changes again from logic "0" to
"1," the slave latch locks in the master latch output and the master stage starts sampling
the input again. Thus, this circuit is a negative edge-triggered D flip-flop by virtue of the
fact that it samples the input at the falling edge of the clock pulse.
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Figure 8.29. CMOS implementation of the D-latch (version 2).
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Figure 8.30. CMOS negative (falling) edge-triggered master-slave D flip-flop (DFF).

Figure 8.31 shows the simulated input and output waveforms of the CMOS negative
edge-triggered D-type flip-flop. The output of the master stage latches the applied input
(D) when the clock signal is "1", and the output of the slave stage becomes valid when
the clock signal drops to "0". Thus, the D-type flip-flop (DFF) essentially samples the
input at every falling edge of the clock pulse.

It should be emphasized that the operation of the DFF circuit can be seriously
affected if the master stage experiences a set-up time violation. This situation is
illustrated in Fig. 8.32, where the input D switches from "0" to *1" immediately before
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Figure 8.31. Simulated input and output waveforms of the CMOS DFF circuit in Fig. 8.30.
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Figure 8.32. Simulated waveforms of the CMOS DFF circuit, showing a set-up time violation
for the master stage input at 10 ns. The output of the master stage fails to settle at the correct level,




the clock transition occurs (set-up time violation). As a result, the master stage fails to
latch the correct value, and the slave stage produces an erroneous output. The relative
timing of the input and clock signals are carefully synchronized to avoid such situations.
The layout of the CMOS DFF circuit is given in Fig. 8.33,

Figure 8.33. Layout of the CMOS DFF shown in Fig. 8.30.

Another implementation of edge-triggered D flip-flop is shown in Fig. 8.34, which
consists of six NAND3 gates. This D flip-flop is positive edge-triggered as illustrated in
the waveform chart in Fig. 8.35. Initially, all the signal values except for 5 are 0, i.e., (5,
R,CK, D)=(1,0,0,0), and Q = 0. In the second phase, both D and R switchto 1, i.e.,
(5,R,CK, D)= (1,0, I, 1), but no change in Q occurs and the Q value remains at 0.
However, in the third phase, if CK goes to high,i.e., (5,R,CK,D)=(l, 1, 1, 1), the output
of gate 2 switches to 0, which in turn sets the output of the last stage SR latch to 1. Thus,
the output of this D flip-flop switches to 1 at the positive-going edge of the clock signal,
CK. However, as can be observed in the ninth phase of the waveform diagram chart, the
Q output is not affected by the negative-going edge of CK, nor by other signal changes.
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Figure 8,34, NAND3-based positive edge-triggered D flip-flop circuit.

o o 1 1 0 0 1 1 o 0 1 1 0
CK
o ] 1 1 1 1 o 0 1 1 1 1 o 0

1 1 1 1 1 1 1 1

A Q 1 1 1 1
5

1 1 1 1 1 1 1 1 1 1 1 1 1

1 1 1 0 1 1 1

a 0 0 1 o 0 @

Figure 8.35. Timing diagram of the positive edge-triggered D flip-flop.



UNIT IV - DYNAMIC LOGIC CIRCUITS

Voltage Bootstrapping

In this section, we will briefly examine a very useful dynamic circuit technique for
overcoming threshold voltage drops in digital circuits, which is called volrage
bootstrapping. We have already seen that output voltage levels may suffer from threshold
voltage drops in several circuit structures, such as pass transistor gates or enhancement-
load inverters and logic gates.

Dynamic voltage bootstrapping techniques offer a simple yet effective way to
overcome threshold voltage drops which occur in most situations. Consider the circuit
shown in Fig. 9.11, where the voltage V_is equal to or smaller than the power supply
voltage, V, < V,,. Consequently, the enhancement-type nMOS transistor M2 will operate
in saturation.

When the input voltage V,_ is low, the maximum value that the output voltage can
- attain is limited by

Vour (max) =V, =V, (V) (9.24)

Figure 9.11. Enhancement-type circuit in which the output node 15 weakly driven.

To avercome the threshold voltage drop and to obtain a full logic-high level (V) at the
output node, the voltage V, must be increased. Now consider the circuit shown in Fig.
9.12, where a third transistor M3 has been added to the circuit. The two capacitors C; and
C, . 562N in the circuit diagram represent the capacitances which dynamically couple the
voltage V, to the ground and to the output, respectively. We will see that this circuit can
produce a high V_during switching, so that the threshold voltage drop can be overcome
at the output node.

Ve 2Vpp + Vra(Vou) (9.25)

Initially assume that the input voltage V,_ is logic-high, so that M1 and M2 have a
nonzero drain current and that the output voltage is low. At this point, M1 is in the linear
region and M2 is in saturation. Since I, = 0, the initial condition for the voltage V, can
be found as

V. =Vop=Vra(V;) (9.26)
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Figure 9.12. Dynamic bootstrapping arrangement to boost V, during switching.

Now, assume that the input switches from its logic-high level to 0 V at t=0. As a
result, the driver transistor M1 will turn off and the output voltage V. will start to rise.
This change in the output voltage level will now be coupled to V, l‘.hmugh the bootstrap
capacitor, C, - Leti_,  represent the transient current ﬂowmg through the capacitor
C poor during this charge-up event, and let i, be the current through C;. Assuming that the
two current components are approximately equal, we obtain

Vo =V.) (9.27)

dt

Iy Slopoee = Cy

Reorganizing (9.27) yields the following equation.

dv, dv,
O —Em Zow
(Cs + Cooor ) 2= Coom =7 (928)
av, € AV
—E o —hop
dt (Cs+Chop) i (9.29)

It can be seen from (9.29) that the increase in the output voltage V. during this switching

event will generate a proportional increase in the voltage level V lrm:gratln g both sides
of (9.29), we obtain

@,%'—5 f WVos 9:30)

2
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If the capacitor C,__, is much larger than Ci(Cpppe == C), the maximum value of V can
be approximated as

V. (max)=2V,p = Vpy = Vi, (9.32)

which proves that voltage bootstrapping can significantly boost the voltage level V. Now
remember that in order to overcome the threshold veltage drop at the output, the minimum
required voltage level V_is

Vi(min)=Vop+Vpa|, _,

C
=(Voo- Vn('f,}}+.@%m{vm-vﬁ] (9.33)

This equation can be rearranged to give the required capacitance ratio, as follows,

Cooor VT1|V .l.fp‘tr"““"ﬂlinq=

= 9.34
(Cs + Chomt) Voo = Vo) i
Showr _ Vol “our =Yoo +VH|V‘ (9.35)

Cs Voo = Vou —Vrz!pm.;.bﬂ ‘“VT:|| v,

Note that C, is essentially the sum of the parasitic source-to-substrate capacitance of M3
and the gate-to-substrate capacitance of M2, To obtain a sufficiently large bootstrap
capacitance C,__ in comparison to Cg, an extra "dummy" transistor is typically added to
the circuit, as shown in Fig. 9.13.
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Figure 9.13. Realization of the bootstrapping capacitor with a dummy MOS device.

Since its drain and source terminals are connected together, the dummy transistor
simply acts as an MOS capacitor between V_and V. Although this circuit arrangement
contains two additional transistors to achieve voltage bootstrapping, the resulting circuit-
performance improvement is usually well worth the extra silicon area used for the

bootstrapping devices.
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Synchronous Dynamic Circuit Techniques

Having examined the basic concepts associated with temporary storage of logic levels in
capacitive circuit nodes, we now turn our attention to digital circuit design technigues
which take advantage of this simple yet effective principle. In the following, we will
investigate different examples of synchronous dynamic circuits implemented using
depletion-load nMOS, enhancement-load nMOS, and CMOS building blocks.

Dynamic Pass Transistor Circuits

Consider the generalized view of a multi-stage synchronous circuit shown in Fig. 9.14.
The circuit consists of cascaded combinational logic stages, which are interconnected
through nMOS pass transistors. All inputs of each combinational logic block are driven
by a single clock signal. Individual input capacitances are not shown in this figure for
simplicity, but the operation of the circuit obviously depends on temporary charge
storage in the parasitic input capacitances.
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Figure 9.14. Multi-stage pass transistor logic driven by two nonoverlapping clocks.

Todrive the pass transistors in this system, two nonoverlapping clock signals, ¢, and
i, are used. The nonoverlapping property of the two clock signals guarantees that at any
given time point, only one of the two clock signals can be active, as illustrated in Fig. 9.15.
When clock ¢, is active, the input levels of Stage 1 (and also of Stage 3) are applied
through the pass transistors, while the input capacitances of Stage 2 retain their
previously setlogic levels. During the next phase, when clock @, is active, the input levels
of Stage 2 will be applied through the pass transistors, while the input capacitances of
Stage 1 and Stage 3 retain their logic levels. This allows us to incorporate the simple
dynamic memory function at each stage input, and at the same time, to facilitate
synchronous operation by controlling the signal flow in the circuit using the two periodic
clock signals. This signal timing scheme is also called rvo-phase clocking and is one of
the most widely used timing strategies.

By introducing the two-phase clocking scheme, we have not made any specific
assumptions about the internal structure of the combinational logic stages. It will be seen
that depletion-load nMOS, enhancement-load nMOS, or CMOS logic circuits can be
used for implementing the combinational logic. Figure 9.16 shows a depletion-load
dynamic shift register circuit, in which the input data are inverted once and transferred,
or shifted into the next stage during each clock phase.
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Figure 9.15. Nonoverlapping clock signals used for two-phase synchronous operation.
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Figure 9.16. Three stages of a depletion-load nMOS dynamic shift register circuit driven with
two-phase clocking.

The operation of the shift register circuit is as follows. During the active phase of [
the input voltage level V,, is transferred into the input capacitance C,,1- Thus, the valid
output voltage level of the first stage is determined as the inverse of the current input
during this cycle. When ¢, becomes active during the next phase, the output voltage level
of the first stage is transferred into the second stage input capacitance C ma» and the valid
output voltage level of the second stage is determined. During the active 9, phase, the
first-stage input capacitance continues to retain its previous level via charge storage.
When ¢, becomes active again, the original data bit written into the register during the

previous cycle is transferred into the third stage, and the first stage can now accept the
next data bit.




In this circuit, the maximum clock frequency is determined by the signal propagation
delay through one inverter stage. One half-period of the clock signal must be long enough
to allow the input capacitance C;_ to charge up or down, and the logic level to propagate
to the output by charging C, . Also notice that the logic-high input level of each inverter
stage in this circuit is one threshold voltage lower than the power supply voltage level.

The same operation principle used in the simple shift register circuit can easily be
extended to synchronous complex logic. Figures 9.17 and 9.18 show a two-stage circuit
example implemented using depletion-load nMOS complex logic gates.
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Figure 9.17. A two-stage synchronous complex logie circuit example,

In a complex logic circuit such as the one shown in Fig. 9.18, we see that the signal
propagation delay of each stage may be different. Thus, in order to guarantee that correct
logic levels are propagated during each active clock cycle, the half-period length of the

clock signal must be longer than the largest single-stage signal propagation delay found
in the circuit. i
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Figure 9.18. Depletion-load nMOS implementation of synchronous complex logic.




Now consider a different implementation of the simple shift register circuit, using

enhancement-load nMOS inverters. One important difference is that, instead of biasing
the load transistors with a constant gate voltage, we apply the clock signal to the gate of
the load transistor as well. It can be shown that the power dissipation and the silicon area
can be reduced significantly by using this dynamic (clocked) load approach. Two variants
of the dynamic enhancement-load shift register will be examined in the following, both
of which are driven by two non-overlapping clock signals. Figure 9.19 shows the first
implementation, where in each stage the input pass transistor and the load transistor are
driven by opposite clock phases, ¢, and ¢,.
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Figure 9.19. Enhancement-load dynamic shift register (ratioed logic).

When @, is active, the input voltage level V, is transferred into the first-stage input
capacitance C, through the pass transistor. In this phase, the enhancement-type nMOS
load transistor of the first-stage inverter is not active yet. During the next phase (active
®,). the load transistor is turned on. Since the input logic level is still being preserved in
C.» the output of the first inverter stage attains its valid logic level. At the same time,
the input pass transistor of the second stage is also turned on, which allows this newly
determined output level to be transferred into the input capacitance C,,, of the second
stage. When clock ¢, becomes active again, the valid output level across C ourz 15
determined, and transferred into C, . Also, a new input level can be accepted (pipelined)
into C, , during this phase.

In this circuit, the valid low-output voltage level V,, of each stage is strictly

‘determined by the driver-to-load ratio, since the output pass transistor (input pass
transistor of next stage) turns on in phase with the load transistor. Therefore, this circuit
arrangement is also called ratioed dynamic logic. The basic operation principle can
obviously be extended to arbitrary complex logic, as shown in Fig. 9.20. Since the power
supply current flows only when the load devices are activated by the clock signal, the
overall power consumption of dynamic enhancement-load lo gic is generally lower than
for depletion-load nMOS logic.

Next, consider the second dynamic enhancement-load shift re gister implementation
where, in each stage, the input pass transistor and the load transistor are driven by the
same clock phase (Fig. 9.21).
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Figure 9.20. General circuit structure of ratived synchronous dynamic logic.
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Figure 9.21. Enhancement-load dynamic shift register (ratioless logic).

When @, is active, the input voltage level V__is transferred into the first-stage input
capacitance C, , through the pass transistor. Note that at the same time, the enhancement-
type nMOS load transistor of the first-stage inverter is active. Therefore, the output of the
firstinverter stage attains its valid logic level. During the next phase (active @), the input
pass transistor of the next stage is turned on, and the logic level is transferred onto the next
stage. Here, we have to consider two cases, as follows.

If the output level across C,, is logic-high at the end of the active ¢, phase, this
voltage level is transferred to C_, via charge sharing over the pass transistor during the
active ¢, phase. Note that the logic-high level at the output node is subject to threshold
voltage drop, i.e., it is one threshold voltage lower than the power supply voltage. To
correctly transfer a logic-high level after charge sharing, the ratio of the capacitors (C e’
C,,) must be made large enough during circuit design.

If, on the other hand, the output level of the first stage is logic-low at the end of the
active 9, phase, then the output capacitor C_,, will be completely drained to a voltage of



Vo, =0V when ¢, tums off. This can be achieved because a logic-high level is being ]
stored in the input capacitance C,, in this case, which forces the driver transistor to
remain in conduction. Obviously, the logic-low level of V5, =0V is also transferred into
the next stage via the pass transistor during the active ¢, phase.

Whenclock ¢, becomes active again, the valid output level across C__, is determined
and transferred into C, ;. Also, a new input level can be accepted into Cm during this
phase. Since the valid logic-low level of V,,; = 0 V can be achieved regardless of the
driver-to-load ratio, this circuit arrangement is called ratioless dynamic logic. The basic
operation principle can be extended to arbitrary complex logic, as shown in Fig. 9.22.
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Figure 9.22. General circuit structure of ratioless synchronous dynamic logic.

CMOS Transmission Gate Logic

The basic two-phase synchronous logic circuit principle, in which individual logic blocks
are cascaded via clock-controlled switches, can easily be adopted to CMOS structures as
well. Here, static CMOS gates are used for implementing the logic blocks, and CMOS
transmission gates are used for transferring the output levels of one stage to the inputs of
the next stage (Fig. 9.23), Notice that each transmission gate is actually controlled by the
clock signal and its complement. As a result, two-phase clocking in CMOS transmission
gate logic requires that a total of four clock signals are generated and routed throughout
the circuit.

As in the nMOS-based dynamic circuit structures, the operation of CMOS dynamic
logic relies on charge storage in the parasitic input capacitances during the inactive clock
cycles. To illustrate the basic operation principles, the fundamental building block of a
dynamic CMOS transmission gate shift register is shown in Fig. 9.24. It consists of a
CMOS inverter, which is driven by a CMOS transmission gate. During the active clock
phasc (CK =1), the input voltage V, is transferred onto the parasitic input capacitance C.
via the transmission gate. Note Ihat the low on-resistance of the CMOS transmission gate
usually results in a smaller transfer time compared to those for ntMOS-only switches.
Also, there is no threshold voltage drop across the CMOS transmission gate. When the




clock signal becomes inactive, the CMOS transmission gate turns off and the voltage
level across C, can be preserved until the next cycle.
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Figure 9.23. Typical example of dynamic CMOS transmission gate logic.
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Figure 9.24. Basic building block of a CMOS transmission gate dynamic shift register,

Figure 9.25 shows a single-phase CMOS shift register, which is built by cascading
identical units as in Fig. 9.24 and by driving each stage alternately with the clock signal
and its complement.

CK CK CK

CK CK Ck

Figure 9.25. Single-phase CMOS transmission gate dynamic shift register.



Ideally, the transmission gates of the odd-numbered stages would conduct during the
active clock phase (when CK = 1), while the transmission gates of the even-numbered
stages are off, so that the cascaded inverter stages in the chain are alternately isolated. |
This would ensure that inputs are permitted in alternating half cycles. In practice, |
however, the clock signal and its complement do not constitute a truly nonoverlapping
signal pair, since the clock voltage waveform has finite rise and fall times. Also, the clock.
skew between CK and CK may be unavoidable because one of the signals is generated
by inverting the other. Therefore, true two-phase clocking with two nonoverlapping
clock signals (¢, and @,) and their complements is usually preferred over single-phase
clocking in dynamic CMOS transmission gate logic.

Dynamic CMOS Logic (Precharge-Evaluate Logic)

In the following, we will introduce a dynamic CMOS circuit technique which allows
us to significantly reduce the number of transistors used to implement any logic function.
The circuit operation is based on first precharging the output node capacitance and
subsequently, evaluating the output level according to the applied inputs. Both of these
operations arescheduled by asingle clock signal, which drives one ntMOS and one pMOS
transistor in each dynamic stage. A dynamic CMOS logic gate which implements the
function F=(A,A,A, + BB,) is shown in Fig. 9.26.

charge  Ewaluation  charge
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Figure 9.26. Dynamic CMOS logic gate implementing a complex Boolean function.

When the clock signal is low (precharge phase), the pMOS precharge transistor
is conducting, while the complementary nMOS transistor M » is off, The parasitic output




capacitance of the circuit is charged up through the conducting pMOS transistor to a
logic-high level of V= V.. The input voltages are also applied during this phase, but
they have no influence yet upon the output level since M, is turned off.

When the clock signal becomes high (evaluate phase), the precharge transistor
turns off and M_turns on. The output node voltage may now remain at the logic- high leve
ot drop to a logic low, depending on the input voltage levels. If the input signals create
a conducting path between the output node and the ground, the output capacitance will
discharge toward V,,; =0 V. The final discharged output level depends on the time span
of the evaluation phase. Otherwise, V_, remains at V.

The operation of the single-stage dynamic CMOS logic gate is quite straightforward.
For practical multi-stage applications, however, the dynamic CMOS gate presents a
significant problem. To examine this fundamental limitation, consider the two-stage
cascaded structure shown in Fig. 9.27. Here, the output of the first dynamic CMOS stage
drives one of the inputs of the second dynamic CMOS stage, which is assumed to be atwo-
input NAND gate for simplicity. .
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Figure 9.27. Mustration of the cascading problem in dynamic CMOS logic.

During the precharge phase, both output voltages V_, and V__, are pulled up by the
respective pMOS precharge devices. Also, the external inputs are applied during this
phase. The input variables of the first stage are assumed to be such that the output V_,
will drop to logic "0" during the evaluation phase. On the other hand, the external input
ofthe second-stage NAND? gate is assumed to be alogic "1," as shown inFig. 9.27. When
the evaluation phase begins, both output voltages V. and V__. are logic-high. The
outputof the first stage (V) eventually drops toits correct logic level after a certain time
delay. However, since the evaluation in the second stage is done concurrently, starting
with the high value of V_ . at the beginning of the evaluation phase, the output voltage

ol
V. . At the end of the evaluation phase will be erroneously low. Although the first stage



output subsequently assumes its correct output value once the stored charge is drained,

the correction of the second-stage output is not possible.
This example illustrates that dynamic CMOS logic stages driven by the same clock

signal cannot be cascaded directly. This severe limitation seems to undermine all the °

other advantages of dynamic CMOS logic, such as low power dissipation, large noise
margins, and low transistor count. Alternative clocking schemes and circuit structures
must be developed to overcome this problem. In fact, the search for viable circuit

alternatives has spawned a large array of high-performance dynamic CMOS circuit
techniques, some of which will be examined in the following section,

High-Performance Dynamic CMOS Circuits

The circuits presented here are variants of the basic dynamic CMOS logic gate structure.
We will see that they are designed to take full advantage of the obvious benefits of
dynamic operation and at the same time, to allow unrestricted cascading of multiple
stages. The ultimate goal is to achieve reliable, high-speed, compact circuits using the
least complicated clocking scheme possible.

Domino CMOS Logic

Consider the generalized circuit diagram of a domino CMOS logic gate shown in Fig.
9.28. A dynamic CMOS logic stage, such as the one shown in Fig. 9.26, is cascaded with
a static CMOS inverter stage. The addition of the inverter allows us to operate a number
of such structures in cascade, as explained in the following.
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Figure 9.28. Generalized circuit diagram of a domino CMOS logic gate.
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During the precharge phase (when CK = 0), the output node of the dynamic CMOS
stage is precharged to a high logic level, and the output of the CMOS inverter (buffer)
becomes low. When the clock signal rises at the beginning of the evaluation phase, there
are two possibilities: The output node of the dynamic CMOS stage is either discharged
to a low level through the nMOS circuitry (1 to 0 transition), or it remains high.

- Consequently, the inverter output voltage can also make at most one transition during the
evaluation phase, from 0 to 1. Regardless of the input voltages applied to the dynamic
CMOS stage, it is not possible for the buffer output to make a 1 to 0 transition during the
evaluation phase.

Remember that the problem in cascading conventional dynamic CMOS stages
occurs when one or more inputs of a stage make a | to 0 transition during the evaluation
phase, as illustrated in Fig. 9.27. On the other hand, if we build a system by cascading
domino CMOS logic gates as shown inFig. 9.29, all input transistors in subsequent logic

- blocks will be turned off during the precharge phase, since all buffer cutputs are equal to
0. During the evaluation phase, each buffer output can make at most one transition
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Figure 9.29. Cascaded domino CMOS logic gates.

(from Oto 1), and thus each input of all subsequent logic stages can also make at most one
(0to 1) transition. In a cascade structure consisting of several such stages, the evaluation
. of each stage ripples the next stage evaluation, similar to a chain of dominos falling one
i after the other. The structure is hence called domino CMOS logic.

Domino CMOS logic gates allow a significant reduction in the number of transistors
required to realize any complex Boolean function. The implementation of the 8-input
Boolean function, Z= A8 + (C + D)(C + D) + GH, using standard CMOS and domino
CMOS, is shown in Fig. 9.30, where the reduction of circuit complexity is obvious. The
distribution of the clock signal within the system is quite straightforward, since a single
clock can be used to precharge and evaluate any number of cascaded stages, as long as
the signal propagation delay from the first stage to the last stage does not exceed the time
span of the evaluation phase. Also, conventional static CMOS logic gates can be used




together with domino CMOS gates in a cascaded configuration (Fig.9.31). The limitation
is that the number of inverting static logic stages in cascade must be even, so that the
inputs of the next domino CMOS stage experience only 0 to 1 transitions during the °
evaluation,

(a)

(b)

A }._B

Figure 9.30. (a) An 8-input complex logic gate, realized using conventional CMOS logic and (b)
domino CMOS logic.
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Figure 9.31. Cascading domino CMOS logic gates with static CMOS logic gates.

There are also some other limitations associated with domino CMOS logic gates.
First, only non-inverting structures can be implemented using domino CMOS. If
necessary, inversion must be carried out using conventional CMOS logic. Also, charge
sharing between the dynamic stage output node and the intermediate nodes of the nMOS
logic block during the evaluation phase may cause erroneous outputs, as will be explained
in the following.

Consider the domino CMOS logic gate shown inFig. 9.32, in which the intermediate
node capacitance C, is comparable in size to the output node capacitance C,. We will
assume that all inputs are low initially, and that the intermediate node voltage across C,
has an initial value of 0 V. During the precharge phase, the output node capacitance C,
is charged up toits logic-high level of V|, through the pMOS transistor. In the next phase,
the clock signal becomes high and the evaluation begins. If the input signal of the
uppermost nMOS transistor switches from low to high during this evaluation phase, as
shown in Fig. 9.32, the charge initially stored in the output capacitance C, will now be
shared by C,, leading to the so-called charge-sharing phenomenon. The output node
voltage after charge sharing becomes V, /(1 + C,/C,). For example, if C, = C,, the output
voltage becomes V;, /2 in the evaluation phase. Unless its logic threshold voltage is less
than V2, the output voltage of the following inverter will then inadvertently switch

high, which is a logic error. Thus, it is important to have C, much smaller than C,.

Several measures can be taken in order to prevent erroneous output levels due to
charge sharing in domino CMOS gates. One simple solution is to add a weak pMOS pull-
up device (with a small (W/L) ratio) tothe dynamic CMOS stage output, which essentially
forces a high output level unless there is a strong pull-down path between the output and
the ground (Fig. 9.33). It can be observed that the weak pMOS transistor will be turned
on only when the precharge node voltage is kept high. Otherwise, it will be turned off as
V... becomes high.
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Figure 9.32. Charge sharing beiween the output capacitance C, and an intermediate node |
capacitance C, during the evaluation cycle may reduce the output voltage level.
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Figure 9.33. A weak pMOS pull-up device in 2 feedback loop can be used to prevent the loss of
output voltage level due to charge sharing.



Another solution is to use separate pMOS transistors to precharge all intermediate
nodes in the nMOS pull-down tree which have a large parasitic capacitance. The
precharging of all high-capacitance nodes within the circuit effectively eliminates all
potential charge-sharing problems during evaluation. However, it can also cause addi-
tional delay time since the nMOS logic tree now has to drain a larger charge in order to
pull down the node voltage V.. Another way of preventing logic errors due to charge
sharing is to make the logic threshold voltage of the inverter smaller, such that the final
stage output is not affected by lowering of V_ due to charge sharing. It should be noted
that this design approach would trade off the pull-up speed (weaker pMOS transistor) for
lower sensitivity to the charge-sharing problem.

The use of multiple precharge transistors also enables us to use the precharged
intermediate nodes as resources for additional outputs. Thus, additional logic functions
can be realized by tapping the internal nodes of the dynamic CMOS stage, as illustrated
by two series-connected logic blocks in Fig. 9.34. The resulting multiple-output domino
CMOS logic gate allows us to simultaneously realize several complex functions using a
small number of transistors. Figure 9.35 shows the realization of four Boolean functions
of nine variables, using a single domino CMOS logic gate. The four functions to be
realized are listed in the following.

€, =G, +BC,

C;=G; + BG + BRG

G =G+ AG, + RARG + BRAG

Ca=G,y + PGy + P RG, + F,ARG + BRRRC,

It can be shown that the functions C; through C, are the four carry terms to be used ina
four-stage carry-lookahead adder, where the variables G, and P, are defined as

G,=A B,
R=4,®B

and A, and B, are the input bits associated with the i, stage. Hence, this circuit is also
known as the Manchester carry chain. The generation of the four carry terms using four
separate standard CMOS logic gates or four separate single-output domino CMOS
circuits, on the other hand, would require a large number of transistors and consequently
amuch larger silicon area. Variants of the multiple-output dynamic CMOS circuit shown
in Fig. 9.35 are used widely in high-performance adder structures.

The transient performance of domino CMOS logic gates can be improved by
adjusting the nMOS transistor sizes in the pull-down path, with the objective of reducing
the discharge time. Shoji has shown that the best performance is obtained with a graded
sizing of nMOS transistors in series structures, where the nMOS transistor closest to the
output node also has the smallest (W/L) ratio. The domino CMOS circuit diagram and the
corresponding stick-diagram layout of an optimized example are shownin Fig. 9.36. The
fact that a graded reduction of transistor sizes from bottom to top ultimately leads toa



better transient performance may seem counterintuitive, But, this effect can be explained

by observing the RC delay of the combined pull-down path consisting of series- |

connected nMOS transistors.
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Figure 9.34, Precharging of internal nodes to prevent charge sharing also allows implementa-
tion of multiple-output domine CMOS structures.

Consider first the nMOS transistor closest to the output node. If the {W/L) ratio of -

this transistor is reduced by a certain factor, two effects occur. First, the current- driving
capability will decrease, i.e., the equivalent resistance of the nMOS transistor will
increase. Second, the parasitic drain capacitance associated with this transistor will
decrease. If the length of the nMOS chain is sufficiently long, the increase in resistance
has little influence upon the combined RC delay time, whereas a reduction of the
capacitance significantly decreases the delay.

In fact, by applying Elmore's RC delay formula (see Chapter 6) to series-connected
nMOS structures, one can determine if a reduction of nMOS transistor sizes will improve
the transient performance. Let C; represent the precharge-node load capacitance of the
domino CMOS gate, and let C, represent the parasitic drain capacitance of the nMOS
transistor closest to the precharge node. It is assumed that the inverter transistor sizes are
fixed and that the pull-down chain contains N series-connected nMOS transistors. Shoji
has shown that if the following condition
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Figure 9.35. Example of a multiple-output domine CMOS gate realizing four functions.
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Figure 9.36. (a) Four-input domino CMOS NAND gate and (b} the corresponding stick-

diagram layout to show the graded scaling of nMOS transistor sizes for improving the transient
performance.

C
€ <(N-1)=t (9.36)

is satisfied, the overall delay time can be reduced by decreasing the size of the nMOS
transistor closest to the output node. This result can be iteratively applied to the other
transistors in the pull-down chain, which leads to graded sizing of all nMOS devices. On |
the other hand, if the inverter gate transistors are allowed to be optimized along with the
series-connected transistors, even shorter delays can be achieved with smaller chip area.




NORA CMOS Logic (NP-Domino Logic)

In domino CMOS logic gates, all logic operations are performed by the nMOS transistors
acting as pull-down networks, while the role of pMOS transistors is limited to precharging

the dynamic nodes. As an alternative and a complement to nMOS-based domino CMOS
logic, we can construct dynamic logic stages using pMOS transistors as well. Consider
the circuit shown in Fig. 9.37, with alternating nMOS and pMOS logic stages.
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Figure 9.37. NORA CMOS logic consisting of alternating nMOS and pMOS stages, and the
scheduling of precharge/evaluation phases.

Note that the precharge-and-evaluate timing of nMOS logic stages is accomplished
by the clock signal ¢, whereas the pMOS logic stages are controlled by the inverted clock
signal, ¢. The operation of the NORA CMOS circuit is as follows: When the clock signal
is low, the output nodes of nMOS logic blocks are precharged to Vi, through the pMOS
precharge transistors, whereas the output nodes of pMOS logic blocks are pre-discharged
to 0V through the nMOS discharge transistors, driven by §. When the clock signal makes
a low-to-high transition (note that the inverted clock signal @ makes a high-to-low
transition simultaneously), all cascaded nMOS and pMOS logic stages evaluate one after
the other, much like the domino CMOS examined earlier. A simple NORA CMOS circuit
example is shown in Fig. 9.38.



Figure 9.38. NORA CMOS logic circuit example.

The advantage of NORA CMOS logic is that a static CMOS inverter is not required
at the output of every dynamic logic stage. Instead, direct coupling of logic blocks is
feasible by alternating nMOS and pMOS logic blocks. NORA logic is also compatible
with domino CMOS logic. Outputs of NORA nMOS logic blocks can be inverted, and
then applied to the input of a domino CMOS block, which is also driven by the clock
signal 9. Similarly, the buffered output of a domino CMOS stage can be applied directly
to the input of a NORA nMOS stage.

The second important advantage of NORA CMOS logic is that it allows pipelined
system architecture. Consider the circuit shown in Fig. 9.39(a), which consists of an
nMOS-pMOS logic sequence similar to the one shown in Fig. 9.37, and a clocked CMOS
(C*MOS) output buffer. It can easily be seen that all stages of this circuit perform the
precharge-discharge operation when the clock is low, and all stages of the circuit evaluate
output levels when the clock is high. Therefore, we will call this circuit a ¢-section,
meaning that evaluation occurs during active .

Now consider the circuit shown in Fig. 9.39(b), which is essentially the same circuit
shown in Fig. 9.39(a), with the only difference being that the signals ¢ and § have been
interchanged. In this circuit, all logic stages perform the precharge-discharge operation
when the clock is high, and all stages evaluate output levels when the clock is low.
Therefore, we will call this circuit a §-section, meaning that evaluation occurs during
active ¢

A pipelined system can be constructed by simply cascading alternating ¢- and &
sections, as shown in Fig. 9.39(c). Note that each of the sections may consist of several
logic stages, and that all logic stages in one section are evaluated during the same clock
cycle. When the clock is low, the ¢-sections in the pipelined system undergo the
precharge cycle, while the ¢-sections undergo evaluation. When the clock signal changes
from low to high, the g-sections start the evaluation cycle, while the $-sections undergo
precharge. Thus, consecutive sets of input data can be processed in alternating sections
of the pipelined system.
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Figure 9.39. (2) NORA CMOS ¢-section; evaluation occurs during ¢= 1. (b) NORA CMOS ¢
section; evaluation oceurs during @ = 0. (¢) A pipelined NORA CMOS system.

As in all dynamic CMOS structures, NORA CMOS logic gates also suffer from
charge sharing and leakage. To overcome the dynamic charge sharing and soft- node

leakage problems in NORA CMOS structures, a circuit technique called Zipper CMOS
can be used.



Zipper CMOS Circuits

The basic circuit architecture of Zipper CMOS is essentially identical to NORA CMOS,
with the exception of the clock signals. The Zipper CMOS clock scheme requires the
generation of slightly different clock signals for the precharge (discharge) transistors and
for the pull-down (pull-up) transistors. In particular, the clock signals which drive the
pMOS precharge and nMOS discharge transistors allow these transistors to remain in
weak conduction or near cut-off during the evaluation phase, thus compensating for the
charge leakage and charge-sharing problems. The generalized circuit diagram and the
clock signals of the Zipper CMOS architecture are shown in Fig. 9.40.
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Figure 9.40. General circuit structure and the clock signals of Zipper CMOS,




True Single-Phase Clock (TSPC) Dynamic CMOS

Thedynamic circuit technique to be presented in the following is distinctly different from
the NORA CMOS circuit architecture in that it uses only one clock signal which is never
inverted. Since the inverted clock signal ¢ is not used anywhere in the system, no clock
skew problem exists. Consequently, higher clock frequencies can be reached for dynamic
pipelined operation.

Consider the circuit diagram shown in Fig. 9.41. The circuit consists of alternating
stages called n-blocks and p-blocks, and each block is being driven by the same clock
signal ¢. An n-block is constructed by cascading a dynamic nMOS stage and a dynamic
latch, while a p-block is constructed by cascading a dynamic pMOS stage and a dynamic
latch.

When the clock signal is low, the output node of the n-block is being precharged to
Vpp by the pMOS precharge transistor. When the clock signal switches from low to high,
the logic stage output is evaluated and the output latch generates a valid output level. On
the other hand, we can see by inspection that the p-block pre-discharges when the clock
is high, and evaluates when the clock is low. This means that a cascade-connection of
alternating n-block and p-block circuits as shown in Fig. 9.41 will allow pipelined
operation using a single clock signal. Compared to NORA CMOS, we need two extra
transistors per stage, but the ability to operate with a true single-phase clock signal offers
very attractive possibilities from the system-design point of view.
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Figure 9.41. A pipelined true single-phase clock CMOS system.

Figure 9.42 shows the circuit diagram of a rising edge-triggered D-type flip-flop
(DFF) which is constructed with the TSPC principle. The circuit consists of eleven
transistors, in four simple stages. When the clock signal is low, the first stage acts as a
transparent latch to receive the input signal, while the output node of the second stage is



being precharged. During this cycle, the third and fourth stages simply keep the previous
output state. When the clock signal switches from low to high, the first stage ceases to be
transparent and the second stage starts evaluation. At the same time, the third stage
becomes transparent and transmits the sampled value to the output. Note that the final
stage (inverter) is only used to obtain the non-inverted output level.

The mask layout of this circuit (using 0.8 um CMOS technology design rules) is
shown in Fig. 9.43. The device dimensions are (W/L)_ = (2 um/0.8 pm) for nMOS
transistors, and (WIL), = (5.6 pm/0.8 um) for pMOS transistors. The layout parasitics
were determined through circuit extraction, and the extracted circuit file was simulated
with SPICE to determine its performance. The simulated input and output waveforms of -
the TSPC-based DFF circuitare given in Fig. 9.44. [tcan be seen that the circuit is capable
of operating with a clock frequency of 500 MHz. With their relatively simple design, low
transistor count and high speed, TSPC-based circuits offer a very favorable alternative
to conventional CMOS circuits, especially in high-performance designs.
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Figure 9.42. Circuit diagram of a TSPC-based rising edge-triggered DFF.



UNIT V - SEMICONDUCTOR MEMORIES

Types of Memories

Memory circuits are generally classified according to the type of data storage and the
type of data access. Read-Only Memory (ROM) circuits allow, as the name implies, only
the retrieval of previously stored data and do not permit modifications of the stored
information contents during normal operation. ROMs are non-volatile memories, i e., the
data storage function is not lost even when the power supply voltage is off. Depending
on the type of data storage (data write) method, ROMs are classified as mask-pro-
grammed ROMs, Programmable ROMs (PROM), Erasable PROMs (EPROM), and
Electrically Erasable FROMs (EEFROM).
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Figure 10.1. Overview of semiconductor memory types.

Read-write (R/W) memory circuits, on the other hand, must permit the modification
{writing) of data bits stored in the memory array, as well as their retrieval (reading) on
demand. This requires that the data storage function be volarile, i.e., the stored data are
lost when the power supply voltage is turned off. The read-write memory circuit is
commonly called Random Access Memory (RAM), mostly due to historical reasons.
Compared to sequential-access memories such as magnetic tapes, any cell in the R/W
memory array can be accessed with nearly equal access time. Based on the operation type
of individual data storage cells, RAMs are classified into two main categories: Static
RAMs (SRAM) and Dynamic RAMs (DRAM). Figure 10.1 shows an overview of the
different memory types and their classifications.

A typical memory array organization is shown in Fig. 10.2. The data storage
structure, or core, consists of individual memory cells arranged in an array of horizontal
rows and vertical columns. Each cell is capable of storing one bit of binary information.
Also, each memory cell shares a common connection with the other cells in the same row,
and another common connection with the other cells in the same column. In this structure,
there are 2¥ rows, also called word lines, and 2% columns, also called bit lines. Thus, the
total number of memory cells in this array is 24 x 2V,
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Figure 10.2. Typical random-access memory array ofganization.

To access a particular memory cell, i.e., a particular data bit in this array, the
corresponding bit line and the corresponding word line must be activated (selected). The
row and column selection operations are accomplished by row and column decoders,
respectively. The row decoder circuit selects one out of 2¥ word lines according to an N-
bit row address, while the column decoder circuit selects one out of 24 bit lines according
to an M-bit column address. Once a memory cell or a group of memory cells are selected
in this fashion, a data read and/or a data write operation may be performed on the selected
single bit or multiple bits on a particular row. The column decoder circuit serves the
double duties of selecting the particular columns and routing the corresponding data
content in a selected row to the output.

We can see from this simple discussion that individual memory cells can be accessed
for data read and/or data write operations in random order, independent of their physical
locations in the memory array. Thus, the array organization examined here is called a
Random Access Memory (RAM) structure. Notice that this organization can be used for
both read-write memory arrays and read-only memory arrays. In the following sections,
however, we will use the acronym RAM specifically for read-write memories, because
it is the universally accepted abbreviation for this particular type of memory array.




Dynamic Read-Write Memory (DRAM) Circuits

All of the static RAM cells examined in the previous section consist of a two-inverter
latch circuit, which is accessed for "read” and "write” operations via two pass transistors.
Consequently, the SRAM cells require four to six transistors per bit, and four to five lines

|, connecting to each cell, including the power and ground connections. To satisfy these

requirements, a substantial silicon area must be reserved for each memory cell. In
addition, most SRAM cells have non-negligible standby (static) power dissipation, with
the exception of the full CMOS SRAM cell.

As the trend for high-density RAM arrays forces the memory cell size to shrink,
alternative data storage concepts must be considered to accommodate these demands. In
a dynamic RAM cell, binary data is stored simply as charge in a capacitor, where the
presence or absence of stored charge determines the value of the stored bit. Note that the
data stored as charge in a capacitor cannot be retained indefinitely, because the leakage
currents eventually remove or modify the stored charge. Thus, all dynamic memory cells
require a periodic refreshing of the stored data, so that unwanted modifications due to
leakage are prevented before they occur. :

The use of a capacitor as the primary storage device generally enables the DRAM cell
to be realized on a much smaller silicon area compared to the typical SRAM cell. Notice
that even as the binary data is stored as charge in a capacitor, the DRAM cell must have
access devices, or switches, which can be activated externally for "read” and "write"”
operations. But this requirement does not significantly affect the area advantage over the
SRAM cell, since the cell access circuitry is usually very simple. Also, no static power
is dissipated for storing charge on the capacitance. Consequently, dynamic R AM arrays
can achieve higher integration densities than SR AM arrays. Note that a DR AM array also

processors wait until the SRAM is free. The added wait state, however, significantly
reduces the advantages of the high-speed processor. The dual-port RAM architecture is
implemented in systems in which a main memory array must serve multiple high-speed
processors and peripheral devices with minimum delay.
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Figure 10.34. Complete circuit diagram of a CMOS static RAM column with data write and data
read circuitry.

The ideal dual-port SRAM allows simultancous access to the same location in the
memory array, by using two independent sets of bit lines and associated access switches
for each memory cell. The circuit structure of a typical CMOS dual-port SRAM cell is
shown in Fig. 10.35. Here, "word line 1" is used to access one set of complementary bit
lines (bit line 1), while "word line 2" allows access to the other set of bit lines (bit line
2). The capability of simultaneous access eliminates wait states for the processors during
"data read” operations. However, contention may still occur if both external processors
accessing the same memory location simultaneously attempt to write data onto the
accessed cell, or if one of the processors attempts to read data while the other processor
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Figure 10.35.  Circuit diagram of the CMOS dual-port SRAM cell.

writes data onto the same cell. In most cases, overlapping operations to the same memory
location can be eliminated by a contention arbitration logic. It can either allow contention
to be ignored and both operations to proceed, or it can arbitrate and delay one port until
the operation on the other port is completed.

Dynamic Read-Write Memory (DRAM) Circuits

All of the static RAM cells examined in the previous section consist of a two-inverter
latch circuit, which is accessed for “read” and "write"” operations via two pass transistors.
Consequently, the SRAM cells require four to six transistors per bit, and four to five lines
connecting to each cell, including the power and ground connections. To satisfy these
requirements, a substantial silicon area must be reserved for each memory cell. In
addition, most SRAM cells have non-negligible standby (static) power dissipation, with
the exception of the full CMOS SRAM cell.

As the trend for high-density RAM arrays forces the memory cell size to shrink,
alternative data storage concepts must be considered to accommodate these demands. In
a dynamic RAM cell, binary data is stored simply as charge in a capacitor, where the
presence or absence of stored charge determines the value of the stored bit. Note that the
data stored as charge in a capacitor cannot be retained indefinitely, because the leakage
currents eventually remove or modify the stored charge. Thus, all dynamic memory cells
require a periodic refreshing of the stored data, so that unwanted modifications due to
leakage are prevented before they occur.

The use of acapacitor as the primary storage device generally enables the DRAM cell
to be realized on a much smaller silicon area compared to the typical SRAM cell. Notice
that even as the binary data is stored as charge in a capacitor, the DRAM cell must have
access devices, or switches, which can be activated externally for "read” and “write"
operations. But this requirement does not significantly affect the area advantage over the
SRAM cell, since the cell access circuitry is usually very simple. Also, no static power
is dissipated for storing charge on the capacitance. Consequently, dynamic RAM arrays
can achieve higher integration densities than SRAM arrays. Note that a DRAM array also



requires additional peripheral circuitry for scheduling and performing the periodic data
refresh operations. The hardware overhead of the refresh circuitry, however, does not
overshadow the area advantages gained by the small cell size.

Figure 10.36 shows some of the steps in the historical evolution of the DRAM cell.
The four-transistor cell shown in Fig. 10.36(a) is the simplest and one of the earliest
dynamic memory cells. This cell is derived from the six-transistor static RAM cell by
removing the load devices. The cell has in fact two storage nodes, i.e., the parasitic oxide
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Figure 10.36. Various configurations of the dynamic RAM cell. (a) Four-transistor DRAM cell
with two storage nodes. (b) Three-transistor DREAM cell with two bit lines and two word lines. {c)
One-transistor DRAM cell with one bit line and one word line.
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and diffusion capacitances of the nodes indicated in the circuit diagram. Since no current

- path is provided to the storage nodes for restoring the charge being lost to leakage, the

cell must be refreshed periodically. It is obvious that the four-transistor dynamic RAM
cell can have only a marginal area advantage over the six-transistor SRAM cell.

The three-transistor DRAM cell shown in Fig. 10.36(b) was the first widely used
dynamic memory cell. It utilizes a single transistor as the storage device (where the
transistor is turned on or off depending on the charge stored on its gate capacitance), and
one transistor each for the "read" and "write" access switches. The cell has two control
and two /O lines. Its separate read and write select lines make it relatively fast, but the
four lines with their additional contacts tend to increase the cell area.

The one-transistor DRAM cell shown in Fig. 10.36(c) has become the industry-

- standard dynamic RAM cell in high-density DRAM arrays. With only one transistor and
. One capacitor, it has the lowest component count and, hence, the smallest silicon area of

all the dynamic memory cells. The cell has one read-write control line (word line) and one
/O line (bit line). We have to emphasize at this point that, unlike in the other dynamic
memory cells shown in Figs. 10.36(a) and 10.36(b), the storage capacitance of the one-
transistor DRAM cell is explicit. This means that a separate capacitor must be manufac-

- tured for each storage cell, instead of relying on the parasitic oxide and diffusion
- capacitances of the transistors for data storage. The word line of the one-transistor DR AM

cell is controlled by the row address decoder, Once the selected transistor is turned on,
the charge stored in the capacitor can be detected and/or modified through the bit line.

Before we examine the operation of the one-transistor DRAM cell, we will first
investigate the three-transistor cell shown in Fig. 10.36(b), which has a very straightfor-
ward operation principle. This will help us to illuminate the basic issues involved in the
design and operation of dynamic memory cells in general.

Three-Transistor DRAM Cell

+

The circuit diagram of a typical three-transistor dynamic RAM cell is shown inFig. 10.37
as well as the column pull-up (precharge) transistors and the column read/write circuitry.

. Here, the binary information is stored in the form of charge in the parasitic node

capacitance C,. The storage transistor M2 is turned on or off depending on the charge
stored in C|, and the pass transistors M1 and M3 act as access switches for data read and
write operations. The cell has two separate bit lines for "data read” and "data write,"” and
two separate word lines to control the access transistors.

The operation of the three-transistor DRAM cell and its peripheral circuitry is based
on a two-phase non-overlapping clock scheme. The precharge events are driven by ¢,,
whereas the "read" and "write" events are driven by ¢,. Every "dataread" and "data write"
operation is preceded by a precharge cycle, which is initiated with the precharge signal
PC going high. During the precharge cycle, the column pull-up transistors are activated,
and the corresponding column capacitances C, and C, are charged up to logic-high level.
With typical enhancement type nMOS pull-up transistors (Vo = 1.0 V) and a power
supply voltage of 5 V, the voltage level of both columns after the precharge is
approximately equal to 3.5 V.
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Figure 10.37. Three-transistor DRAM cell with the pull-up and read/write circﬁilr:.r. ]

All "data read” and “data write" operations are performed during the active @, phase,
i.e., when PC is low. Figure 10.38 depicts the typical voltage waveforms associated with
the 3-T DR AM cell during a sequence of four consecutive operations: write*1," read 1"
write “0,"” and read “0."” The four precharge cycles shown in Fig. 10.38 are numbered |,
3,3,and 7, respectively. Figure 10.39 illustrates the transient currents charging up the two
columns (D, and D) during a precharge cycle. The precharge cycle is effectively

1-bit DRAM Call

Read’Write Access

Data_out

completed when both capacitance voltages reach their steady-state values. Note here that %
the two column capacitances C, and C, are at least one order of magnitude larger than the '

internal storage capacitance C,.
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Figure 10.38. Typical voltage waveforms associated with the 3-T DRAM cell during four
consecutive operations: write "1," read "1," write *0," and read "0."

Figure 10.39. Column capacitances C, and C, are being charged-up through MP1 and MF2
during the precharge cycle.

For the write “1” operation, the inverse data input is at the logic-low level, because
the data to be written onto the DRAM cell is logic “1.” Consequently, the “data write”
transistor MD is turned off, and the voltage level on column D, remains high. Now, the
“write select” signal WS is pulled high during the active phase of ¢,. As a result, the write
access transistor M1 is turned on. With M1 conducting, the charge on C, is now shared



with C, (Fig. 10.40). Since the capacitance C, is very large compared to C,. the storage
node capacitance C, attains approximately the same logic-high level as the column
capacitance C, at the end of the charge-sharing process.

Figure 10.40. Charge sharing between C, and C, during the write "1" sequence.

After the write “1" operation is completed, the write access transistor M1 is turned
off. With the storage capacitance C, charged-up to a logic-high level, transistor M2 is
now conducting. In order to read this stored “1,” the “read select” signal RS must be
pulled high during the active phase of ¢,, following a precharge cycle. As the read access
transistor M3 turns on, M2 and M3 create a conducting path between the “data read”
column capacitance C, and the ground. The capacitance C, discharges through M2 and
M3, and the falling column voltage is interpreted by the “data read” circuitry as a stored
logic*'1.” The active portion of the DRAM cell during the read “1” cycle is shown in Fig.
1041. Note that the 3-T DRAM cell may be read repeatedly in this fashion without
disturbing the charge stored in C,.
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Figure 10.41. The column capacitance C, is discharged through the transistors M2 and M3 during
the read "1" operation.

For the write “0" operation, the inverse data input is at the logic-high level, because
the data to be written onto the DRAM cell is a logic “0.” Consequently, the data write



transistor is turned on, and the voltage level on column D, is pulled to logic “0.” Now,
the “write select” signal WS is pulled high during the active phase of ¢,. As a result, the
write access transistor M1 is turned on. The voltage level on C,, as well as that on the
storage node C, is pulled to logic “0" through M1 and the data write transistor, as shown
in Fig. 10.42. Thus, at the end of the write “0"" sequence, the storage capacitance C,
contains a very low charge, and the transistor M2 is turned off since its gate voltage is
approximately equal to zero.

Rs

L |

Figure 10.42. Both C, and C, are discharged via M1 and the data write transistor during the write
"0" sequence.

In order to read this stored “0,” the “read select” signal RS must be pulled high during
the active phase of ¢, following a precharge cycle. The read access transistor M3 turns

- on, but since M2 is off, there is no conducting path between the column capacitance C,

and the ground (Fig. 10.43). Consequently, C, does not discharge, and the logic-high -
level on the D, column is interpreted by the data read circuitry as a stored 0" bit.

As we already pointed out in the beginning of this section, the charge stored in C,
cannot be held indefinitely, even though the “data read™ operations do not significantly
disturb the stored charge. The drain junction leakage current of the write access transistor
M1 is the main reason for the gradual depletion of the stored charge on C,. In order to
refresh the data stored in the DRAM cells before they are altered due to leakage, the data
must be periodically read, inverted (since the data output level reflects the inverse of the
stored data), and then written back into the same cell location, This refresh operation is
performed for all storage cells in the DRAM array every 2 to 4 ms. Note that all bits in
one row can be refreshed at once, which significantly simplifies the procedure.

It can be seen that the three-transistor dynamic RAM cell examined here does not
dissipate any static power for data storage, since there is no continuous current flow in
the circuit. Also, the use of periodic precharge cycles instead of static pull-up further
reduces the dynamic power dissipation. The additional peripheral circuitry required for



scheduling the non-overlapping control signals and the refresh cycles does not signifi- i
cantly overshadow these advantages of the low-power dynamic memory.
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Figure 10.43. The column capacitance C, cannot discharge during the read 0" cycle.

One-Transistor DRAM Cell

The circuit diagram of the one-transistor (1-T) DRAM cell consisting of one explicit
storage capacitor and one access transistor is shown in Fig. 10.44. Here, C, represents the
storage capacitor which typically has a value of 30 to 100 fF. Similar to the 3-T DRAM
cell, binary data are stored as the presence or absence of charge in the storage capacitor.
Capacitor C, represents the much larger parasitic column capacitance associated with the
word line. Charge sharing between this large capacitance and the very small storage
capacitance plays a very important role in the operation of the 1-T DRAM cell.

The "data write"” operation on the 1-T cell is quite straightforward. For the write "1"
operation, the bit line (D) is raised to logic "1” by the write circuitry, while the selected
word line is pulled high by the row address decoder. The access transistor M1 turns on,

“allowing the storage capacitor C, to charge up to a logic-high level. For the write "0"
operation, the bit line (D) is pulled to logic "0" and the word line is pulled high by the row
address decoder. In this case, the storage capacitor C, discharges through the access
transistor, resulting in a stored "0" bit.

In order to read stored data out of a 1-T DRAM cell, on the other hand, we have to
build a fairly elaborate read-refresh circuit. The reason for this is the fact that the "data
read” operation on the one-transistor DRAM cell is by necessity a "destructive readout.”
This means that the stored data must be destroyed or lost during the read operation.
Typically, the read operation starts with precharging the column capacitance C,. Then,

the word line is pulled high in order to activate the access transistor M 1. Charge sharing
between C, and C, occurs and, depending on the amount of stored charge on C,, the
column voltage either increases or decreases slightly. Note that charge sharing inevitably
destroys the stored charge on C,. Hence, we also have to refresh data every time we
perform a "data read” operation.




Data infout (D)

AW Salect (R}
M
| M4 ' Column
| capacitanca

! = C,
| = =
A i

1-bit DRAM Cal

(a)

(b}

Figure 10.44. (a) Typical one-transistor (1-T) DRAM cell with its access lines. (b} SEM
photograph of a stacked-capacitor DRAM cell structure.

An example of the 256-cells-per-column DRAM read circuitry is shown in Fig.
10.45, along with typical control signal waveforms. A cross-coupled dynamic latch
circuit is used to detect the small voltage differences and to restore the signal levels. The
storage array is split in half so that equal capacitances are connected to each side of the
cross-coupled latch. This means that half of the cells connected to one bit line (column)
are arranged on one side of the latch, and the other half of the cells connected to the same
column are arranged on the other side. As shown in Fig. 10.45, each half-column in the
array also has a dummy cell which contains a capacitance half of the storage capacitance
value, The capacitors C and Cp in Fig. 10.45 represent the relatively large parasitic
column capacitances associated with the half-columns.

The "read-refresh” operation occurs in three stages. First, the precharge devices are
turned on during the active phase of PC. Both column capacitances Cj, and Cp are
charged-up to the same logic-high level, whereas the dummy nodes X and ¥ are pulled
tologic-low level. The devices involved in the precharge operation are highlighted in Fig,
10.46. Note that during this phase, all other signals are inactive,



x

o x 1
A D L “"i -'l-
Voo Fr e

(@) 1

I X I

by i

PG
A
wahi
[+
dumey
EL ey
5 [\
* dummy
Wkt
i
[T
wiinct

Figure 10.45. (a) Data read-restore circuit example for 256 1-T DRAM cells per column. (h)
Typical control signal waveforms for two consecutive data read operations, performed on
alternate sides (half-columns) of the array,
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Figure 10.46. The half-columns are being charged-up during the precharge phase.



Next, one of the 256 word lines is raised to logic "1" during the row selection phase.
Al the same time, the dummy cell on the other side is also selected by raising either DS
or P§. This situation is depicted in Fig. 10.47, where only the selected

dummy el diFy call

Figure 10.47. Two complementary column voltages are determined through charge sharing, on
the one side between the selected storage cell and the half-column capacitance, on the other side
between the dummy cell and the other half-column capacitance.

DRAM cell (left) and the corresponding dummy cell (right) are highlighted. If a logic "1"
is stored in the selected cell, the voltage on the half-column D will rise slightly, while the
voltage on half-column D) drops, because the dummy cell is being charged up. If a logic
"0" is stored in the selected cell, however, the voltage on the half-column D will also drop,
and the drop in V, will be larger than the drop in V5. Consequently, there will be a
detectable difference between a stored "0 and a stored "1."

The final stage of the "read-refresh” operation is performed during the active phase
of CS, the column-select signal. As soon as the cross-coupled latch is activated, the slight
voltage difference between the two half-columns is amplified, and the latch forces the two
half-columns into opposite states (Fig. 10.48). Thus, the stored data on the selected
DRAM cell is refreshed while it is being read by the "read-refresh” circuitry,

Figure 10.48. The cross-coupled latch circuit is used for detection of the voltage difference
between the half-columns and for restoring the voltage level on the accessed cell.



10.3. Static Read-Write Memory (SRAM) Circuits

As already explained in Section 10.1, read-write (/W) memory circuits are designed to
permit the modification (writing) of data bits to be stored in the memory array, as well
as their retrieval (reading) on demand. The memory circuit is said to be staric if the stored
data can be retained indefinitely (as long as a sufficient power supply voltage is
provided), without any need for a periodic refresh operation. We will examine the circuit
structure and the operation of simple SRAM cells, as well as the peripheral circuits
designed to read and write the data.

The data storage cell, i.e., the 1-bit memory cell in static RAM arrays, invariably
consists of a simple latch circuit with two stable operating points (states). Depending on
the preserved state of the two-inverter latch circuit, the data being held in the memory cell

will be interpreted either as a logic "0” or as a logic "1." To access {read and write) the
data contained in the memory cell via the bit line, we need at least one switch, which is
controlled by the comresponding word line, i.e., the row address selection signal (Fig.
10.21(a)). Usually, two complementary access switches consisting of nMOS pass |
transistors are implemented to connect the 1-bit SRAM cell to the complementary bit
lines (columns). This can be likened to turning the car steering wheel with both left and
right hands in complementary directions.
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Figure 10.21. Various configurations of the static RAM cell. (a) Symbolic representation of the
two-inverter latch circuit with access switches. (b) Generic circuit topology of the MOS static

RAM cell. (c) Resistive-load SRAM cell. (d) Depletion-load nMOS SRAM cell. (e) Full CMOS
SRAM cell.



Figure 10.21(b) shows the generic structure of the MOS static RAM cell, consisting
of two cross-coupled inverters and two access transistors. The load devices may be
polysilicon resistors, depletion-type nMOS transistors, or pMOS transistors, depending
on the type of the memory cell. The pass gates acting as data access switches are
enhancement-type nMOS transistors.

The use of resistive-load inverters with undoped polysilicon resistors in the latch
structure typically results in a significantly more compact cell size, compared with the
other alternatives (Fig. 10.21(c)). This is true since the resistors can be stacked on top of
the cell (using double-polysilicon technology), thereby reducing the cell size to four
transistors, as opposed to the six-transistor cell topologies. If multiple polysilicon layers
are available, one layer can be used for the gates of the enhancement-type nMOS
transistors, while another level is used for load resistors and interconnects.

In order to attain acceptable noise margins and output pull-up times for the resistive-
load inverter, the value of the load resistor has to be kept relatively low, as already
examined in Section 5.2. On the other hand, a high-valued load resistor is required in
arder to reduce the amount of standby current being drawn by each memory cell. Thus,
there is a trade-off between the high resistance required for low power and the require-
ment to provide wider noise margins and high speed. The power consumption issue will
be addressed later in more detail.

The six-transistor depletion-load nMOS SRAM cell shown in Fig. 10.21(d) can be
easily implemented with one polysilicon and one metal layer, and the cell size tends to
be relatively small, especially with the use of buried metal-diffusion contacts. The static
characteristics and the noise margins of this memory cell are typically better than those
of the resistive-load cell. The static power consumption of the depletion-load SRAM cell,
however, makes it an unsuitable candidate for high-density SRAM arrays.

The full CMOS SRAM cell shown in Fig, 10.21(e) achieves the lowest static power
dissipation among the various circuit configurations presented heére. In addition, the
CMOS cell offers superior noise margins and switching speed as well, The comparative
advantages and disadvantages of the CMOS static RAM cell will be investigated in depth
later in this section,

SRAM Operation Principles

Figure 10.22 shows a typical four-transistor resistive-load SRAM cell widely used in
high-density memory arrays, consisting of a pair of cross-coupled inverters. The two
stable operating points of this basic latch circuit are used to store a one-bit piece of
information; hence, this pair of cross-coupled inverters make up the central component
of the SRAM cell. To perform read and write operations, we use two nMOS pass
transistors, both of which are driven by the row select signal, RS. Note that the SRAM cell
shown in Fig. 10.22 is accessed via two bit lines or columns, instead of one. This
complementary column arrangement allows for a more reliable operation.

When the word line (RS) is not selected, i.¢., when the voltage level of line RS is equal
to logic "0," the pass transistors M3 and M4 are turned off. The simple latch circuit
consisting of two cross-connected inverters preserves one of its two stable operating
points; hence, data is being held. At this point, consider the two columns, C and C . If all
word lines in the SRAM array are inactive, the relatively large column capacitances are
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Figure 10.22. Basic structure of the resistive-load SRAM cell, shown with the column pull-up
transisiors.

charged-up by the column pull-up transistors, MP1 and MP2. Since both transistors
operate in saturation, the steady-state voltage level V- for both columns is determined
by the following relationship:

Voo = Ve =Vrn+T(1.|[|3¢r|+Vc —'yf|2¢'5|) C(101)

Assuming Vp, =5V, V=1V, [2¢]=0.6 V,and y = 0.4 V2, this voltage level is found
to be approximately equal to 3.5 V. Note that the voltage levels of the two complementary
bit lines (columns) are equal during this phase.

Now assume that we select the memory cell by raising its word line voltage to logic
"1," hence, the pass transistors M3 and M4 are turned on. Once the memory cell is
selected, four basic operations may be performed on this cell.

a) Write "1" operation: The voltage level of column C is forced to
logic-low by the data-write circuitry. The
driver transistor M1 turns off. The voltage V,
attains a logic-high level, while V, goes low.

b) Read "1" operation: The voltage of column C retains its precharge
level while the voltage of column C is pulled
down by M2 and M4. The data-read circuitry
detects the small voltage difference (V> Vz)
and amplifies it as a logic "1" data output.




c) Write "0" operation: The voltage level of column C is forced to
logic-low by the data-write circuitry. The
driver transistor M2 turns off. The voltage V,
attains a logic-high level, while V, goes low.

d) Read "0" operation: The voltage of column C retains its precharge
level while the voltage of column C is pulled
down by M1 and M3. The data-read circuitry
detects the small voltage difference (V- < V)
and amplifies it as a logic "0" data output.

Typical voltage waveforms associated with the word line RS and the two pseudo-
complementary bit lines are shown qualitatively in Fig. 10.23. Note that the voltage
difference between the two columns during a read operation may be only a few hundred
millivolts, which must be detected by the data-read circuitry. The reason for this is that
the two nMOS transistors in series (e.g., M1 and M3 for read "0") pulling down the
column during the read phase cannot discharge the large column capacitance quickly.

read "1" read 0°

writa “1* wiita “0"
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Figure 10.23. Typical row and column voltage waveforms of the resistive-load SRAM shown in
Fig. 10.22 during read and write.

Power Consumption

To estimate the standby power consumption of the static read-write memory cell, assume
that a "1"-bit is stored in the cell. This means that the driver transistor M1 is turned off,
while the driver transistor M2 is conducting, resulting in V, =V, and V,=Vy,. In this
circuit, one of the load resistors will always conduct a non-zero current and, conse-
quently, consume steady-state power. The amount of the standby power consumption is
ultimately determined by the value of the load resistor.

Large resistance values and a smaller cell size can be achieved by using lightly-
doped or undoped polysilicon for the load resistors, which has a typical sheet resistivity
of 10 MQ per square or higher. The added process complexity for implementing resistive-



load SRAM cells using undoped poly resistors is usually worth the advantage of low- |
power operation, which is manifested by a standby current of less than 10 nA per cell.
With a load resistance value of R = 100 MQ, for example, the standby power dissipation
of the resistive SRAM cell shown in Fig. 10.22 becomes :

C, w 2
Fiiand-by = VoD #Jz_“ [I‘)W |V, toad (10.2)

If we consider that a typical memory array contains a large number of memory cells, each
consuming a non-zero standby power, the significance of the power consumption |
problem in static memory arrays becomes obvious.

Full CMOS SRAM Cell

A low-power SRAM cell may be designed simply by using cross-coupled CMOS
inverters instead of the resistive-load nMOS inverters. In this case, the stand-by power
consumption of the memory cell will be limited to the relatively small leakage currents
of both CMOS inverters. The possible drawback of using CMOS SRAM cells, on the |

other hand, is that the cell area tends to increase in order to accommodate the n-well for

the pMOS transistors and the polysilicon contacts.

The circuit structure of the full CMOS static RAM cell is shown in Fig. 10.24, along
with the pMOS column pull-up transistors on the complementary bit lines. The basic
operation principle of the CMOS SRAM cell is identical to that of the resistive-load
nMOS cell examined earlier. The mostimportant advantage of this circuit topology is that
the static power dissipation is even smaller; essentially, itis limited by the leakage current
of the pMOS transistors. ACMOS memory cell thus draws current from the power supply
only during a switching transition. The low standby power consumption has certainly
been a driving force for the increasing prominence of high- density CMOS SRAMs.

Other advantages of CMOS SRAM cells include high noise immunity due to larger
noise margins, and the ability to operate at lower power supply voltages than, forexample,
the resistive-load SR AM cells. The major disadvantages of CMOS memories historically
were larger cell size, the added complexity of the CMOS process, and the tendency to
exhibit "latch-up" phenomena. With the widespread use of multi-layer polysilicon and
multi-layer metal processes, however, the area disadvantage of the CMOS SRAM cell
has been reduced significantly in recent years. Considering the undisputable advantages
of CMOS for low-power and low-voltage operation, the added process complexity and
the required latch-up prevention measures do not present a substantial barrier against the
implementation of CMOS cells in high density SRAM arrays. Figure 10.25 compares
typical layouts of the four-transistor resistive-load SRAM cell and the six-transistor full
CMOS SRAM cell.

Note that unlike the nMOS column pull-up devices used in resistive-load SRAM, the
pMOS column pull-up transistors shown in Fig. 10.24 allow the column voltages to reach
full V,, level. To further reduce power consumption, these transistors can also be driven
by a periodic precharge signal, which activates the pull-up devices to charge-up column
capacitances,
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Figure 10.24. Circuit topology of the CMOS SRAM cell.

CMOS SRAM Cell Design Strategy
To determine the (W/L) ratios of the transistors in a typical CMOS SRAM cell as shown

inFig. 10.24, a number of design criteria must be taken into consideration. The two basic
requirements which dictate the (W/L) ratios are: (a) the data-read operation should
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Figure 10.25, (a) Layout of the resistive-load SEAM cell.
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Figure 10.25. (continued) (b) Layout of the CMOS SRAM cell, {¢) Layout of a 4-bit x 4-bit
SRAM array, consisting of 16 CMOS SRAM cells,



not destroy the stored information in the SRAM cell, and (b) the cell should allow
modification of the stored information during the data-write phase. Consider the data-
read operation first, assuming that a logic "0" is stored in the cell. The voltage levels in
the CMOS SRAM cell at the beginning of the "read" operation are depicted in Fig. 10.26.
Here, the transistors M2 and M35 are wurned off, while the transistors M land M6 operate
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Figure I10.26. Voltage levels in the SRAM cell at the beginning of the "read” operation.

in the linear mode. Thus, the internal node voltages are V, = 0 and V,, = V,,, before the
cell access (or pass) transistors M3 and M4 are turned on. The active transistors at the
beginning of the data-read operation are highlighted in Fig. 10.26.

After the pass transistors M3 and M4 are turned on by the row selection circuitry, the
voltage level of column C will not show any significant variation since no current will
flow through M4. On the other half of the cell, however, M3 and M1 will conduct a
nonzero current and the voltage level of column C will begin to drop slightly. Note that
the column capacitance Cp. is typically very large; therefore, the amount of decrease in
the column voltage is limited to a few hundred millivolts during the read phase. The data-
read circuitry to be examined later in this chapter is responsible for detecting this small
voltage drop and amplifying it as a stored "0." While M1 and M3 are slowly discharging
the column capacitance, the node voltage V, will increase from its initial value of 0 V.
Especially if the (W/L) ratio of the access transistor M3 is large compared to the (W/L)
ratio of M1, the node voltage V, may exceed the threshold voltage of M2 during this
process, forcing an unintended change of the stored state. The key design issue for the
data-read operation is then to guarantee that the voltage V, does not exceed the threshold
voltage of M2, so that the transistor M2 remains turned off during the read phase, i.e.,

Vimae S Vr2 (10.3)



We can assume that after the access transistors are turned on, the column voltage V.

remains approximately equal to V.. Hence, M3 operates in saturation while M 1 operates
in the linear region.

k k
f("nn"’:"-’r.n}z = %'(Z(VM-VT,..)V.“-’.‘) (10.4)

Combining this equation with (10.3) results in:

W
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The upper limit of the aspect ratio found above is actually more conservative, since a
portion of the drain current of M3 will also be used to charge-up the parasitic node
capacitance of node (1). To summarize, the transistor M2 will remain in cut-off during
the read "0" operation if condition {10.5) is satisfied. A'aymmetrifal condition also
dictates the aspect ratios of M2 and M4.

Now consider the write "0" operation, assuming that a logic "1" is stored in the
SRAM cell initially. Figure 10.27 shows the voltage levels in the CMOS SRAM cell at
the beginning of the data-write operation. The transistors M 1 and M6 are turned off, while
the transistors M2 and M5 operate in the linear mode. Thus, the internal node voltages

are V=V, and V,=0V before the cell access (or pass) transistors M3 and M4 are turned
on.

Figure 10.27. Voltage levels in the SRAM cell at the beginning of the "write” operation.
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The column voltage V. is forced to logic "0" level by the data-write circuitry; thus,
we may assume that V.. is approximately equal to O V. Once the pass transistors M3 and
M4 are turned on by the row selection circuitry, we expect that the node voltage V,
remains below the threshold voltage of M1, since M2 and M4 are designed according to
condition {10.5). Consequently, the voltage level at node (2) would not be sufficient to
turn on M1. To change the stored information, i.e., to force V, to 0 V and V, to V. the
node voltage V, must be reduced below the threshold voltage of M2, so that M2 turns off
FLI'SL When V, = V., the transistor M3 operates in the linear region while M5 operates
in saturation.

ELS(G_VED_VT.F)z = |

2 %2 (2(Von = Via) Vrn = Vra?) (10.6)

‘Rearranging this condition results in:
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To summarize, the transistor M2 will be forced into cut-off mode during the write
"0" operation if condition (10.7) is satisfied. This will guarantee that M1 subsequently
turns on, changing the stored information. Note that a symmetrical condition also dictates
the aspect ratios of M6 and M4,

SRAM Write Circuitry

Asalready discussed in the preceding section, a "write" operation is performed by forcing
the voltage level of either column (bit line) to a logic-low level. To accomplish this task,
a low-resistance, conducting path must be provided from each column to the ground,
which can be selectively activated by the data-write signals. A simplified view of the
SRAM "write" circuitry designed for this operation is shown in Fig. 10.28. Here, the
nMOS transistors M1 and M2 are used to pull down the two column voltages, while the
transistor M3 completes the conducting path to ground, Note that M3 is driven by the
column address decoder circuitry, i.e., M3 turms on only when the corresponding column
address is selected. The column pull-down transistors, on the other hand, are driven by
two pseudo-complementary control signals, WE and WA . The "write-enable” signal W
(active low) and the data to be written (DATA) are used to generate the control signals,
as shown in the table in Fig. 10.28.



The nMOS pull-down transistors M1 and M2, as well as the column selection
transistor M3 must have sufficiently large (W/L) ratios so that the column voltages can
be forced to almost O V level during a "write"” operation. Also note that the data input
circuitry consisting of two NOR2 gates can be shared by several columns, assuming that
one column is activated, i.e., selected by the column address decoder, at any given time.

SRAM Read Circuitry

During the "data read" operation in the SRAM array, the voltage level on either one of
the columns drops slightly after the pass transistors are turned on by the row address
decoder circuit. In order to reduce the read access time, the "read” circuitry must detect
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Figure 10.28. Data write circuitry associated with one column-pair in an SRAM array.




a very small voltage difference between the two complementary columns, and amplify
this difference to produce a valid logic output level. A simple source-coupled differential
amplifier can be used for this task, as shown in Fig. 10.31, Here, the drain currents of the
two complementary nMOS transistors are:

z

Ipy = %‘(Vc“’;""rm) (10.8)
k 2

Ipy = 2(Va=V,~Vp,) (10.9)

Figure 10.29. Simple source-coupled differential amplifier circuit for "rea-d" operation.

Small-signal analysis of the circuit yields the differential gain of this circuit as

AV, -V, —
ve—ve) ™ (10.10)

where

al
B = a—ﬂ‘ =42k, 1
Vas

The differential gain of the amplifier can be increased significantly by using active loads
instead of resistors and by using cascode configuration, i.e., an intermediary common-
gate stage between the common-source transistors and the load transistors. Finally, the
differential output of the cascode stage must be converted into single-ended output, by
using a level-shifter and buffer stage. Although the "data read" circuitry described above



is capable of detecting small voltage differences between the twocomplementary bit lines
(columns), other types of efficient sense amplifiers are also implemented with CMOS
technology, as will be examined in the following.

The architecture of the output "read” circuitry is driven primarily by the constant
demand for high access speed and high integration density. We must recognize first that
the full CMOS SRAM cell has a natural speed advantage which is derived from using
both active pull-up and active pull-down devices in the latch circuits. The CMOS rise and
fall times are short and symmetrical, whereas the nMOS latch circuit has a short output
fall time but a larger rise time because of its high-resistance load. Both the depletion-load
nMOS SEAM cell and the resistive-load nMOS SRAM cell, hence, have slower average
switching speed compared to that for the full CMOS cell.

Apart from the type of the SRAM cell, the precharging of bit lines also plays a
significant role in the access time. In an unclocked SRAM array, data from the accessed
cell develops a voltage difference on the bit lines. This voltage difference is then detected
and amplified to drive the output buffer. When another cell on the same column is
accessed next, one that contains data opposite to the data contained in the previously
accessed cell, the output has to switch first to an equalized state and then to the opposite
logic state. Since the capacitance on the bit lines is quite large, the time required for
switching the differential from one state to the other becomes a significant portion of the
overall access time. The access time penalty associated with this procedure can be
substantially reduced by the equalization of bit lines prior to each new access. Equaliza-
tion can be done when the memory array is deselected, i.e., between two access cycles,

Fast Sense Amplifiers

The availability of the CMOS technology for the manufacturing of high-density SRAM
arrays, either with full-CMOS or resistive-load nMOS memory cells, also allows us to
implement efficient sense amplifier structures with pMOS current mirrors. Figure 10,30
shows a single-stage differential current-mirror amplifier, which is typically used as a
front-end (input stage) in operational amplifiers.

In this circuit, the gates of the two nMOS transistors M1 and M2 are connected to the
bit lines. Their substrate terminals are tied to their respective source terminals in order
o remove the substrate-bias effect. Notice that each bit line is represented by a large
parasitic capacitance. The nMOS transistor M3 is a long-channel device which acts asa
current source for both branches, and is controlled by a clock signal. The output inverter
is not a part of the differential amplifier, but it is used to drive the output node.

Before the beginning of a "read" operation, the two bit lines (columns) are pulled up
for equalization, as discussed earlier. The CLK signal is low during this phase, so that the
nMOS transistor M3 remains off. Since both M1 and M2 conduct, the common source
node is pulled up, and the output node of the amplifier also goes high. Therefore, the
output of the inverter is at a logic-low level initially.

Once a memory cell is selected for the "read" operation, the voltage on one of the
complementary bit lines will start to drop slightly. At the same time as the row selection
signal, the CLK signal driving M3 is also turned on. If the stored data on the selected
SRAM cell forces the bitline C to decrease slightly, transistor M1 turns off, and the output
voltage of the differential amplifier drops immediately. Consequently, the output voltage




of the inverter goes high. Otherwise, if the stored data on the selected memory cell forces
the bit line C to drop slightly, M2 turns off. Thus, the voltage level at the output node
of the differential amplifier remains high in this case, and the inverter also preserves its
logic-low output level.
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Figure 10.30. Differential current-mirror amplifier to speed up the memory read access time.

In most high-density SRAM chips, two- or three-stage current-mirror differential
sense amplifiers are implemented to further improve the "read" access speed. Anexample
of a two-stage CMOS sense amplifier is shown inFig. 10.31. Here, the first stage consists
oftwo complementary differential sense amplifiers, both of which receive the column (bit
line) voltages at their inputs. Since they are operated in an anti-symmetrical configura-
tion, the output voltages of the two sense amplifiers must change into opposite directions.
The complementary outputs of the first-stage amplifiers are applied to the input terminals
of a second-stage differential amplifier, which generates the output signal.

The dynamic behavior of the one-stage sense amplifier is compared with the
dynamic behavior of the two-stage sense amplifier via SPICE simulation, in Fig. 10.32.
Here, one of the column voltages (V) starts to drop slightly, while the other column
voltage remains constant (not shown in the figure). It can be seen that the output of the
one-stage sense amplifier responds to this change with a delay of about 10 ns, whereas
the output delay of the two-stage sense amplifier is only about 1 ns.

As mentioned earlier, in the sense amplifier circuit examined here (Fig. 10.30), the
substrate terminals of M1 and M2 are connected to the common source node instead of
the ground, in order to avoid threshold voltage variations due to'the substrate-bias effect.
This is possible using twin-tub, silicon-on-sapphire (508}, or p-well fabrication pro-
cesses. In an n-well CMOS process, on the other hand, where all nMOS transistors are
formed over the common substrate, the circuit cannot be implemented.
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Figure 10.31. Two-stage differential current-mirror sense amplifier circuit.
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Figure 10.32. Typical dynamic response characteristics of the one-stage sense amplifier and the
two-stage sense amplifier circuits.




Another simple circuit topology for sense amplifiers is the cross-coupled latch,
shown in Fig. 10.33. Assume that both columns (bit lines) are being pulled up during the
precharge cycle and that the voltage on the bit line C starts to drop slightly when the
SRAM cell access transistors are activated. Consequently, when the transistor M3 is
turned on, the voltage at node C ishigher than the voltage at node C. Therefore, M1 turns
on first and further pulls down the potential at node C. This makes it more difficult for
M2 to conduct. Eventually, M2 turns off completely, and M1 keeps conducting, so that
the bit line C is discharged through M1 and M3.
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Figure 10.33. Cross-coupled nMOS sense amplifier circuit.

Note that the operation of this circuit is distinctly different from that of the
differential amplifier circuit. The cross-coupled sense amplifier does not generate an
output voltage level which corresponds to the polarity of the voltage difference between
the two bit lines, but it rather amplifies the small voltage difference already existing
between the bit lines. This voltage difference must still be translated into a logic level,
by using a buffer stage. We will see the implementation of a very similar structure also
in the dynamic RAM {DRAM) sense amplifiers. '

In most SRAM arrays, the cross-coupled sense amplifier circuit is used in conjunc-
tion with the differential sense amplifier (Fig. 10.30) examined earlier. In this case, the
cross-coupled amplifier serves as a front-end structure to amplify the small voltage
difference between the two bit lines, whereas the current-mirror amplifier detects the
voltage difference and generates the output level. Figure 10.34 shows the complete
circuit diagram of a CMOS SRAM column with one representative CMOS memory cell,
the "data write" circuitry, the cross-coupled sense amplifier, and the differential {(main)
sense amplifier circuit. Note that the main amplifier is connected to the two complemen-
tary bit lines via pass transistors, which are driven by the "read select” signal. This
configuration enables the use of one main sense amplifier to read the data out of several
columns, one at a time.

Dual-Port Static RAM Arrays

In some cases, the memory array may have to be accessed simultaneously by multiple
processors, or by one processor and another peripheral device. This could result in a
timing conflict called "contention,” which can be resolved only by having one of the
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processors wait until the SRAM is free. The added wait state, however, significantly
reduces the advantages of the high-speed processor. The dual-port RAM architecture is -
implemented in systems in which a main memory array must serve multiple high-speed |
processors and peripheral devices with minimum delay.

%

Figure 10.34. Complete circuit diagram of a CMOS static RAM column with data write and data
read circuitry.

The ideal dual-port SRAM allows simultanecus access to the same location in the
memory array, by using two independent sets of bit lines and associated access switches
for each memory cell. The circuit structure of a typical CMOS dual-port SRAM cell is |
shown in Fig. 10.35. Here, “word line 1" is used to access one set of complementary bit
lines (bit line 1}, while "word line 2" allows access to the other set of bit lines (bit line
2). The capability of simultaneous access eliminates wait states for the processors during
“data read” operations. However, contention may still occur if both external processors
accessing the same memory location simultanecusly attempt to write data onto the
accessed cell, or if one of the processors attempts to read data while the other processor
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Figure 10.35. Circuit diagram of the CMOS dual-port SRAM cell.

writes data onto the same cell. In most cases, overlapping operations to the same memory
location can be eliminated by a contention arbitration logic. It can either allow contention
to be ignored and both operations to proceed, or it can arbitrate and delay one port until
the operation on the other port is completed. i



